UPPSALA UNIVERSITY

Radio Frontend Integration
Techniques: CAD Models and
Applications

Dhanesh G-Kurup

December 2000

SIGNALS AND SYSTEMS
UPPSALA UNIVERSITY
UPPSALA, SWEDEN

Submitted to the Faculty of Science and Technology, Uppsala University
in partial fulfillment of the requirements for the degree of
Technical Licentiate in signal processing.






Abstract

The thesis treats the electromagnetic CAD modeling of some important
components useful for designing multilayered radio front-ends and active
antennas. The models developed are flexible to use and computationally
efficient for optimization together with active circuits. The steps leading to
the development of accurate CAD models of antennas suitable for designing
active antennas is presented. We considered edge fed and aperture coupled
microstrip antennas. The implementation of the program is based on accu-
rate cavity and transmission line models. The CAD models of the antenna
are also extended to incorporate micro-machined antennas. Simulations are
compared with real experiments.

An efficient method for analysis of slots in the ground plane of transmis-
sion lines based on a spectral domain method is also introduced. The
application of non-resonant slots in the matching of microwave amplifiers
showed improved noise and gain characteristics when compared to tradi-
tional transmission line matching techniques. Based on transverse resonance
techniques CAD models of sandwich-slotlines were developed. Simulations
indicate good performance for silicon based sandwich-slotlines. Nonradiative
dielectric (NRD) connectors is another interesting candidate for designing
multilayered integrated circuits. The coupling between NRD connectors and
microstrip lines is studied by incorporating a transmission line model. More-
over a dual polarised NRD plug based antenna structure is presented.

Flexibility of use is one important design issue considered in the development
of the models. Since object oriented programming is used in the develop-
ment of the CAD models, the models of different components can be coupled
by means of powerful optimization tools and active circuit simulators.
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Chapter

Introduction

1.1 Background

During the last decade the wireless communication market has grown tremen-
dously all over the world [1]. The aim of research and development in wire-
less communications is to provide low cost access of information of various
types to everyone, everywhere and any time. It is expected that in the near
future, individuals will be equipped with a single device capable of local com-
puting and communications handled by many equipments today [2][3]. To
meet these objectives new frequency bands as well as novel technologies and
system architectures will become available. However due to spectrum con-
gestion at lower frequency bands, traditional approaches are being replaced
by wideband synthesized solutions up to millimeter-wave frequencies [4].
Such systems are aimed to accommodate different services such as voice and
multimedia. Also for incorporating emerging technologies such as adaptive
antennas and diversity techniques (to accommodate more number of users
in the system and to achieve error free communication) we need a large
number of radio channels and novel antennas together with complex signal
processing circuits [5]. To meet these challenges, highly efficient devices
and integrated circuits with low-power consumption have to be developed.
Therefore fundamental assumptions in the signal processing area will have a
large impact on the development of the hardware. On the other hand what
can be implemented in hardware and what cannot be implemented will be a
valuable feedback in the development and optimization of signal processing
algorithms subject to constraints imposed by the hardware.



2 1.1. BACKGROUND

Over the years tremendous progress has been made in digital circuit tech-
nology resulting in circuits with low power consumption and large scale
integration. On the other hand microwave and millimeter-wave (RF) in-
tegrated circuits have not evolved as well as their digital counterparts [6].
One reason for this fact is the domination of the military industry in the
past with performance being the major criteria on RF designs rather than
system integration. Also for the design of complex RF integration circuits
there is a need for proper simulation tools. The design of such RF simula-
tion tools suffers from the large gap between the two key areas into which
it can be divided namely the passive and active RF parts. The passive RF
part in general comprises components such as antennas, filters and wave
guiding structures and the active part consists of circuits such as ampli-
fiers, oscillators and mixers. The design of the passive part, which is in
the electromagnetic domain, requires the solution of Maxwell’s equations
subjected to appropriate boundary conditions, whereas the active part solu-
tions are in the electrical domain involving only Kirchoff’s laws. Key issues
such as device technology and performance criteria such as harmonic gener-
ation, inter-modulation etc. makes the active microwave circuits a vibrant
research area of its own. Passive microwave and millimeter-wave circuits,
which provide the back-bone and building technique have become important
in the last decade due to the increased demand for integrated wireless sys-
tems. However due to the electromagnetic nature of passive part, the design
process can be a painstakingly slow and computationally intensive which in
turn requires powerful computers [7].

The computationally intensive RF part in the electromagnetic domain and
the nonlinear/linear circuit part consisting of active devices in the electri-
cal domain, makes the microwave/millimeter-wave design problem into a
hybrid nature. Thus, different analytical approaches involving passive and
active parts, makes it extremely difficult to avail of attractive optimization
techniques. An example of hybrid active-passive design is the class of an-
tennas which integrates active circuits and the antenna, so called active
antenna [8]. Apart from the advantage of achieving a small size overall sys-
tem, active antennas have several attractive features such as superior noise
characteristics, high bandwidth and decreased mutual coupling between the
antenna elements. Active antennas can also be used for implementing high
performance millimeter-wave amplifiers using the technique of spatial power
combining [9]. The later application is particularly important because of
fundamental limitations of solid state amplifiers at millimeter-wave frequen-
cies. Even though the demand for active antennas is gaining momentum,
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proper design tools for integrated active antennas are constrained by non
availability of efficient CAD. The reason for the problem is attributed to the
fact that the antenna and active circuits are difficult to design in a single
environment. Even though the commercially available full wave electromag-
netic solvers can solve the antenna part with good accuracy, the fact that
they need complex meshing and many iterations makes them difficult to be
used for optimization involving the antenna and active circuits.

Another trend in antenna design is the design of multi-tuned and multi-beam
antennas of small size. Such antennas fulfill requirements of frequency and
space diversity to combat bit error rates in systems such as wireless LAN.
The Biconical antenna in [10] is one example where the difference in radi-
ation patterns of different waveguide modes can be used to achieve space
diversity using a single antenna. Future systems will need similar antennas
of small size and constructing such antennas will be a challenge in antenna
design.

The technology of silicon and gallium arsenide (GaAs) based monolithic
integrated circuits has been very popular for the development of microwave
integrated circuits [11]. The advantages of silicon based integrated circuits
are that, they are cheap due to the high volume wafers fabricated and the
ability to integrate RF circuits with other analog and digital circuits. The
most important advantage of gallium arsenide integrated circuit is the high
performance of the RF circuits. Although both silicon and GaAs technol-
ogy has its own merits and demerits, the addition of a large number of
functionalities makes monolithic circuits dense and difficult to design. Sev-
eral aspects such as mutual coupling between different building blocks then
become an issue. Multilayer integration techniques is an effective way of de-
signing high density microwave and millimeter-wave integrated circuits. In a
multilayered integrated circuit the RF functionalities are divided among two
or more different substrates. Coupling between different substrates are only
established at certain specific points and at other places they are effectively
isolated using a ground plane.

One of the drawbacks in millimeter-wave RF design is that, critical di-
mensions of passive devices decrease with increase in frequency. In this
context, micro-machining offers a new and unconventional way in designing
millimeter-wave and sub-millimeter-wave devices. Usually high ohmic sili-
con wafers are used as the base material in micro-machining and the wafer is
then etched to shape different devices. In [12] horn antennas has been man-
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ufactured by micro-machined stacked silicon wafers. A similar technique
has been used in [13] for fabricating micro-machined millimeter-wave slot
coupled antenna compatible with active devices.

To address the design of these complex passive devices the design tools
has not evolved much, since most of the tools today rely on electromagnetic
simulators based on full-wave methods which handles large sets of unknowns
with poor interfaces to the active circuit simulators. Therefore the success
of RF design tools in the future depends on the efficiency of the interface
between the passive and active circuit simulators. Also the optimization
of the full layout of the complete RF circuit including passive and active
device circuits has to be taken care of with less computational complexity.
The optimization tools also has to take care of a large number of unknown
parameters involving active and passive devices with linear/nonlinear ob-
jective functions. Since a large number of parameters of hybrid nature are
involved in the design, global optimization tools are preferred.

1.2 Outline of the thesis

This thesis outlines techniques to generate efficient models of some repre-
sentative passive electromagnetic structures for designing multilayered RF
front-ends and its applications. The step by step procedure used in the
modeling can be described as follows:

e Divide the complex structure to be analysed into sub components.
e Model each sub component using appropriate electromagnetic theory.

e Combine the electromagnetic models of sub components to form the
model of the complex structure.

The advantages of the method lie in its increased computational efficiency
compared to the commercial electromagnetic simulators for the same struc-
ture. Also the method is more compatible with active device simulators for
a large scale optimization of RF circuits. The accuracy of the method can
be improved by identification of inferior sub components and replace them
with more accurate electromagnetic methods.

The thesis is divided into following chapters.
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Chapter 2. deals with efficient antenna modeling techniques useful for de-
signing active antennas. The antennas considered are those compatible with
active circuits such as aperture coupled and edge fed microstrip antennas.
An efficient method for analysis of micro-machined slot coupled antennas
is also introduced. The CAD programs developed are computationally effi-
cient and can be combined with active circuit simulators for optimization.

Chapter 3 describes a spectral domain analysis of slots in the ground plane
of a microstrip line. A new way of using the exact wave number of slotlines
when describing the electric field in the slot is introduced in this chapter.
Further, the application of slots in active circuits area is investigated by
matching a microwave amplifier based on non-resonant slot matching. Steps
leading to the development of a computer program for analysis of general
sandwich-slotlines in a multilayered structures is also described.

Chapter 4 presents an analysis of nonradiative dielectric(NRD) waveguides
using a transmission line model. A novel way of using NRD waveguides as
plugs in a multilayered structure is introduced. The application of NRD
plugs in a multilayered structure is further investigated by designing a dual
polarized microstrip antenna.

1.3 Contributions
Parts of the material in this thesis are presented in the following publications:

Chapter 2: Dhanesh G-Kurup and Anders Rydberg, ” Equivalent net-
work models for active antenna, design”, Conference proceedings EMB

98-Electromagnetic computations for analysis and design of complex
systems 1998, Linkoping, Sweden, November 17-18, pp-195-202.

Erik Ojefors, Jan Lindblom, Anders Rydberg, Dhanesh G-Kurup, Ylva,
Backlund, Federico Municio, Tapani Ryhanen and Hans Otto Scheck,
7High gain micro-machined slot coupled patch antennas for 60 GHz
WLAN application”, Proceedings COST-268, Rennes, France, October
1-3, 2000.

Chapter 3: Dhanesh G-Kurup and Anders Rydberg ”Design of microwave
amplifiers using non resonant slot matching”, Flectronics letters, Vol.36,
No. 7, March 2000, pp.602-603.



1.3. CONTRIBUTIONS

Dhanesh G-Kurup and Anders Rydberg ”Slots as impedance trans-
formers in microwave circuit designs”, Symposium proceedings GHz2000,

Goteborg, Sweden, March 13-14, 2000, pp-407-410.

Chapter 4: Dhanesh G-Kurup, Anders Rydberg and Thomas Johansson,
”Nonradiative dielectric interconnect for compact radio front ends”,
Conference proceedings RVK 99-Radio Vetenskap och Kommunica-
tions, Karlskrona, Sweden, June 14-17.

Dhanesh G-Kurup and Anders Rydberg, ”Dielectric connectors for
multilayered RF integration ”, Microwave and optical technology let-
ters, Vol.23, No. 4, November 1999, pp.230-233.



Chapter

CAD models for design of active
microstrip antennas

In this chapter, the CAD for active microstrip antennas using accurate cavity
and transmission line models is presented. The antenna candidates consid-
ered in the development of CAD tools are single substrate and aperture
coupled microstrip antennas [14]. The flexibility of the programs developed
is demonstrated by studying the conventional feeding techniques as well as
inset fed and offset feeding techniques. Inset and offset feeding technique
provide a wide range of impedance characteristics suitable for the active
antenna design. The theory is extended to include H-slot coupled silicon
micro-machined antennas and the accuracy of the program is tested by com-
paring the simulated and experimental results.

Efficient CAD for design of active antennas needs less computationally in-
tensive design tools for the antenna part. Although the fullwave simulators
based on numerical electromagnetic methods such as finite elements and
moment method are accurate, the interface between active circuit simula-
tors and those methods are inefficient because of computational complexity
for the analysis of the antenna. On the other hand for full optimization
and tradeoffs between active circuit parameters and the antenna we need
accurate and computationally efficient CAD for simulation of the antenna
part. The most important property which makes microstrip antennas ideally
suited for active antenna designs is that the fabrication can be done with the
same printed circuit technology used for active circuits. Microstrip antenna
also offers advantages such as small size, lightweight, low cost and conformity



to a given surface. Since active circuits performs well on high permittivity
substrates due to its decreased radiation loss and antenna part performs
well on lower permittivity substrate, aperture coupled antennas [15] offers
the additional advantage of using higher permittivity substrate for active
circuits and lower permittivity substrate for antenna. Thus the radiative
part and non radiative part can be isolated by ground plane. These proper-
ties helps in achieving improved bandwidth and radiation performance for
aperture coupled microstrip antenna compared to single layered case.

The robustness of the CAD for active antenna depends on the method fol-
lowed in the analysis of the active circuits including antenna. The most
computationally intensive part in the design is the analysis of the antenna
and passive components. One way to tackle the problem for passive com-
ponents is to have a dictionary of models of passive circuits derived using
neural networks [16] and full wave simulations.

We can conclude therefore that the performance of active antenna simulator
depends on the method followed and the efficiency with which the block
diagram, shown in Figure 2.1, is realized. Analysis of microstrip antennas

ACTIVE CIRCUITS }%

—= OPTIMIZATION ANTENNA

PASSIVE COMPONENTS

Figure 2.1: Simulation of the Active Antenna.

in commercially available simulators are usually based on the method of
moments and finite element methods. These methods are computationally
slow and memory intensive, which makes them difficult to use in designing
active antennas. Transmission line models in [17],[18] and cavity models
[19] of microstrip antenna mitigates most of the draw backs of full wave
electromagnetic solvers as they are reasonably accurate and computation-
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ally efficient. They are also easily adaptable to active circuit simulators.
The flexibility of the transmission line and cavity models followed in this
chapter is demonstrated by coupling the programs developed to a Genetic
algorithm optimization tool in [20].

2.1 Microstrip antenna on a single substrate

2.1.1 Transmission line model

Consider a microstrip antenna of length L and width W and its transmission
line model shown in Figure 2.2. Let the feed point of the antenna be (zg, yo)-
In the transmission line model, the microstrip antenna is represented by sec-

L R

\<V

05, y)

W
x !
| 5 BE
Li=¥ L, =L-Y%
o . e
+<\ [ 1 I 1 />+
I3
e,
1/1 vs  (1)vv V3 v (D) | 1/2

Figure 2.2: Rectangular microstrip patch and its transmission line model.

tions of transmission lines of length L, and Ly, where L; and Lo depends
on feed position. For example, if the patch is edge fed (zg = W/2, yo = 0)
then Ly = L and Ly = 0 also Iy = I3 = 0. Following the transmission
line model [17] the radiation from the antenna is analyzed as the radiation
from two TE exited narrow aperture of length W,;; and width AL in the
infinite ground, where W, and L+ 2AL are the effective width and length
of microstrip patch respectively. It is to be noted that AL and W,y — W
are accounted for by the fringing fields of the patch. The narrow aperture
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located at the ends of patch, y = 0 and y = L has self and mutual admit-
tance, Ys = G5 + jBs and Y, = G, + j B, respectively. The expression for
the radiation conductance, G of each slot can be derived as [17],

sin? (w cos a/2) sin? (s sin o cos §/2)
=3 770/ / dadp (2.1)

cos? o (ssina cos B/2)?

where w = koWesp,s = ko (L+ AL), ko is the free space wave number
corresponding to the operating frequency. Numerical expression for (2.1)
is given in [21]. The radiation suceptance B; of the slots is the reactance
offered by open microstrip line of length AL and propagation constant B¢
given by,

B; = tan (,BeffAL) /ZC (2.2)

where B.rr = ko,/€eff, is the effective propagation constant, €.rs is the
effective dielectric constant of the substrate and Z. is the characteristic
impedance of the microstrip patch. The method followed in finding the
mutual conductance is by first deriving an auxiliary coupling function, F,
between the slots as,

82

Fo=hOt 5o

Jo (1) (2.3)

where | = ko(L + AL), is the normalized distance between the center of the
slots. G, is can be derived as,

G = G, F, (2.4)

In (2.3) Jp,(z) is the Bessel function of the first kind and order m. It has been
shown in [17] that the mutual suceptance of the slots can be approximated
as,

_ Yo(l) + 5= 52 Ys(1) o
= <ln(s/2) +Ce— 15+ ;Zgg) (1 ) (2.5)

where Y,,(z) is the Bessel function of the second kind and order m. C,
is the Euler’s constant.

The accuracy of the transmission line model is thus dependent on the ac-
curacy with which the parameter set {W,yy,€csy, Z¢, AL} is derived. Over
the years considerable effort has been put for finding these parameters, for
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microstrip line as well as microstrip antenna [18][21]. In the case of a mi-
crostrip antenna the results in [21] is very accurate. For edge fed microstrip
antennas the input admittance measured to a microstrip line of width w,,
can be derived from the transmission line model of Figure 2.2 as,

v v (1 Wi ) N Y2 - Y2 + YsYccoth(y,L) — 2Y,, Y./ sinh(v, L)
mens Wers Ys + Y, coth(y,L)
(2.6)
where Y, = 1/Z., Y; = Gs + jBs; and Y,, = G, + jBy. The term
Y, ( — %’;f) accounts for the change in input impedance due to the fi-

nite width W,,, of microstrip line.

2.1.2 Cavity model

In the cavity model analysis the microstrip patch antenna is modeled as a
rectangular cavity bounded by a ground plane, a patch and four magnetic
walls. The improved cavity model in [19] is very flexible and can be easily
adopted to a CAD program for active antenna.

In the cavity method all the losses in the patch are used to evaluate an
effective loss tangent J.7r. The losses are the radiation loss P, the dielec-
tric loss Py and the conductor loss P.. d.ys is then given by,

P, 4+ Py + P,

w(we + wp) (27)

Oeff =
where w, and w,, are the electric and magnetic energy stored in the cavity
and w = 2w f. Near the resonant frequency the effective loss tangent can be
analytically derived as,

A 64

H
= — + —K+y'"5S=(F, + F 2.
deff 5+H+3 ¥ a(1+ 2) (2.8)

Fi =1—4.72y(1 4 .14K) + 10.857*(1 + 0.27K + 0.034K?)

Fy = —8.2993(1 + 0.42K + 0.2K? 4 0.015K3)
a b

K = (5)2,’7 = ()\_0)2

where § and A are the loss-tangent and skin depth of the substrate,
a = Werrand b = L +2AL. Wy and AL are calculated as described in
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[21].

The final expression of the input impedance can then be computed using
the solutions of the 7'M, modes of the patch [22]. From the top view of the
patch and feed point (zg,yo) shown in Figure 2.2, the electric field (assumed
to have only z- component) can be derived as,

E,(z,y) = ;)A,, cos (p;”") Cosﬁizézp; v)) (2.9)

where y' =y —1y and v = b — yo, y' > 0 and v = —yy for y' < 0. yo and
zo are the inset and offset positions of the feed. A, is the solution of time
harmonic electromagnetic fields with the assumption that electric source is
of density J. The expression for effective propagation constant 3, can be
written as,

55 = kger(l - j‘seff) - (p7r/a)2 (2'10)

For microstrip line feed the input impedance, Z; of the patch, can be derived
by modeling the feed as a current sheet with the density J = I/d, located
between zy + d/2 and zy — d/2, where d is the effective width of microstrip
line and I is the intensity of the current in the feed. Then A, (p > 0) can
be written as,

4 T
A, = W—pro Cos (p . 0) (2.11)
Ay is given by,
d
Ay = ano (2.12)
where,
JwpoJ
F = 2.13
¥ = G, Tean(Byb— ) + van(Bylb — ya])] 219
The input impedance of the patch can then be derived as,
_H zo+d/2
Zi=——— E,(z,0)dz (2.14)
Id wo—d/Z

It has been noted that to get the correct results for edge fed patch zo = 0
should be changed to g = AL. This accounts for the fringing fields at the
ends of the patch.
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2.1.3 Results

Figure 2.3 shows the simulated results of cavity and transmission line models
of a microstrip line fed antenna. It can be seen that there is close agreement
between the return loss for both the methods and the experimental results
of [17]. The maximum return loss for the transmission line model is at the
frequency 2.99814 GHz and for cavity modal at 3.002 GHz. The return loss

T N L T
Transmission line model ——

N A A

- Pt
iy S A0

-20 i

Return Loss, dB

e

-40

P

-50
2.9 2.925 2.95 2.975 3 3.025 3.05 3.075 3.1
Frequency, GHz

Figure 2.3: Return Loss characteristics of rectangular microstrip antenna:
W=33.165mm, L=33.147mm, H=0.7874mm. €,=2.2 tan é = 0.0009 ( Quar-

ter wave microstrip transformer (width=0.473mm,length=20mm.) Refer-
ence: 500).)

at these frequencies are 40.8398 dB for transmission line model and 43.0408
dB for cavity model. The frequencies for maximum return loss has a slight
deviation from the zero reactance frequency for the patch which are 2.9975
for transmission line model and 3.001 for cavity model. For the properly
tuned antenna these factors should be same. The deviations in the present
case is because of the lumped reactances due to the transitions in width.

As a further improvement of the program, analytical expressions given in
[23][24] may be included.

Figure 2.4 shows the simulated results of the normalized patch resistance
and reactance as a function of frequency. It can be seen that results of the
transmission line model and cavity model agree well.
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T T T
r -Transmission line model ——

r -Cavity model -------
6 x -Cavity model oo
Hx
\i«
%
i X
g * / A
= =
Lo anT e %
8 | eese . e
I ) ra *‘*\&“
ST a Ky
NE 0 S K HH M M*‘*’**w*»$u
]
saaad
Qo g=es
fu) e N
-2 = e
-4
2.9 2.925 2.95 2.975 3 3.025 3.05 3.075 3.1

Frequency, GHz

Figure 2.4: Normalized resistance and reactance at the the patch: Data
same as that of Figure 2.3.

For the active antenna designs it is desirable to avoid matching circuits
between the antenna and the amplifiers as they tend to increase the losses
and decrease the operating bandwidth. Figure 2.5 shows the simulated re-
sults of the input impedance of a patch as a function of the feed inset from
end of the patch. The feed is centered across the width. The simulations are
carried out using the cavity model. It can be seen that the input resistance
of the patch varies widely as a function of the inset position. It is also seen
from Figure 2.5 that the reactance variation is less compared to the change
in resistance. This indicate the possibility of achieving a match for the out-
put impedance of an amplifier without the need of extra transmission line
matching circuits. However care should be taken to minimise perturbations
in the radiation pattern due to the inset. Figure 2.6 shows the cavity model
analysis of offset fed microstrip antenna as a function of offset from the cen-
ter of the patch width. The antenna parameters are same as that of Figure
2.5. It can be seen that for the offset fed case, the variation of resistance is
less compared to the variation in reactance. The frequency for zero crossing
of reactance is 2.203133 GHz at an offset of 41.8mm. The same antenna has
been investigated experimentally for the offset of 41.8mm or 30.2mm from
end of the patch in [25] and we see that the simulated and experimental
results agree well.
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Figure 2.5: Effect of the inset feeding on input impedance Z;, of

a microstrip patch:

(Microstrip line 5090 width=4.3mm) Patch Data:

W=144mm, L=76mm, H=1.59mm, €,=2.62, tan §=0.001.

154

153

Real [;], Q
=
(4]
N

R=

151

150

i

-60

Figure 2.6: Effect of offset feeding: All data same as that of Figure 2.5.
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2.2 Aperture Coupled Microstrip Antennas

2.2.1 Transmission line model

The geometry of an aperture coupled microstrip antenna is shown in Figure
2.7. Instead of exiting the patch at the patch surface for the case of single
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layered antennas, the excitation of the aperture coupled patch antennas is
done via a rectangular aperture in the ground plane. By representing the
resonant behavior of a patch operating in the TEM mode it is possible
to simplify the analysis of the aperture coupled patch antennas using a
transmission line model [26].

y!

Yo

H g,
m| o -+

Figure 2.7: Aperture Coupled Patch.

To apply the transmission line model for the aperture coupled patch
antennas, the steps followed are,

e An accurate transmission line model is used to derive the self sucep-
tance, Y = G + jB at the edges of the patch. Neglecting mutual
coupling between the slots G and B can be taken as G5 and B re-
spectively (2.1) and (2.2).

e The aperture impedance, Y, is represented as a parallel combination
of two shorted slotlines of lengths L, — [, and L, + [, where [, is the
microstrip line offset from the center of aperture. The slotline wave
number k, is evaluated using a modification of Cohn’s method [27] as
described in [22][28] (see Chapter 3).

e The discontinuity of voltages in the patch and the microstrip line feed
at the aperture are represented by two transformers of turns ratio /Ny
and Ns.

Thus the transmission line model of the patch can be represented as shown
in Figure 2.8. The aperture admittance can be written as the admittance
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of two short circuited slotlines connected in parallel as,

tan(kq(La/2 — lo)) + tan(ka(La/2 + 1))
tan(kq(Lq/2 + 1)) tan(ke(Le/2 — 15))

Yys is the characteristic admittance of a slotline of width W,,. It is to be
noted that maximum time for the computations is devoted to the evaluation
of k, and Yys which involves the application of the transverse resonance
technique. More about k, and Yys will be addressed in chapter 3. The
electric field distribution using the exact slot wavelength of a rectangular
slot (k,), can be written as [29],

Vo sin (ku(La/2 ~ Iy~ wol)
W, sin (kqLq/2) (2.16)
2| <Wa/2 |yl < La/2

Yap = —jYos (2'15)

E=_—

[} Aperture

Figure 2.8: Network Model of Aperture Coupled Patch.

In the transmission line model shown in Figure 2.8, Ly and Lo for the
center fed patch are given by, Ly = Ly = (L—W,)/2+ AL. The transformer
ratios N7 and Ny are given by,

L,
Wepy
where W, is the effective width of the patch.

Wa/2 W /2
Ny = / / o B4 dw dy (2.18)
Wa /2 W /2 Vo

Ny = (2.17)
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where H," is the y magnetic field component in the microstrip stub approx-
imated by,
m 1 ~
H"= — 3 (2.19)

Wg? fH stub

lyl < Wt /2

where We'; 7 is the effective width of microstrip line. For the usual case when

Ly, > Wg’}f, Ny is given by,

N, 9 cos(ka(La — W) /2) — cos(kaLa/2) (2.20)

/Wer}szm ko sin(k, L, /2)

Finally the input impedance of the antenna at the reference plane which is
the center of the slot can be written as,

N3

Zip = —g 2
! N]?Y;J_{—Yap

— jZonr cot(E™Ly) (2.21)
In (2.20) and (2.21) L4,k™, Zops are the length, wave number and charac-
teristic impedance of the stub. Y}, is the total patch impedance. Y} can be
calculated as series combination of input impedances due to load Y = G+jB
at the ends of transmission line sections L; and Lg (see Figure 2.8).

2.2.2 Cavity model

Consider the aperture coupled patch antenna shown in Figure 2.7. To ap-
ply the cavity model analysis for aperture coupled patch antennas[29] the
equivalence principle is applied to find the magnetic current density. The
assumed slot field distribution is the same as given in (2.16).

2Vy sin (ka(La/2 - |y — yo|)) g
HW, sin (kqLq/2)
|‘Z‘|§Wa/2 |y|§La/2 0<z<H

3o = Jg =

(2.22)

For T'M,,,,, modes, the time harmonic field equations with a magnetic source
J, results in the following expression for the y-component of the magnetic
field HY.

HY = E Z App sin (mmz /a) cos (nwy/b) (2.23)
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where a = L + 2AL and b = Wey;. The coefficients can be found using the
field equations of TM?* modes as,

jwe [2 fyb:O Ji, sin(mmz/a) cos(nmy/b) dz dy
B2 I b (sin(mmz/a) cos(nmy/b))? dz dy

mn Jx=0 y:O

(2.24)

mn

The coefficients A, for the single mode is given in [29], and for all the
modes similar expression can be derived using (2.24). The expression for
the effective propagation constant f,,, can be written as,

Brn = koer(L = joess) — ((mm/a)? + (n7/b)?) (2.25)

The effective loss tangent d.f; remains the same as that of cavity model for
single layer case and is given by (2.8) with b = L +2AL and a = W,yy.

The integrals in (2.24) can be analytically solved as,

_ jwe A®

mn = 3y (2.26)

where,
AN = azb(l + sinc(2nm) — sinc(2mm) — sinc(2nw)sinc(2mn))  (2.27)

_ —2F,b%ky cos(nmyo/b) [cos(kqeLq/2) — cos(nmLgy/(2b))]

AW (nm)? — (kab)?

(2.28)

—2sin(mmnzy/a)sinc(mrW,/(2a))
H sin(koLy/2)

F, = (2.29)

The admittance, Y, of the radiating patch offered to the source Jj, can

be written as,
Y, = —// HYJY dv

J
=->Y HA,,,A?

(2.30)
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-} Pateh

- Aperture

O

Figure 2.9: Cavity Model representation of Aperture Coupled Patch.

The input impedance of the antenna becomes,

N2
Zin = ——2— — jZom cot (K™ L 2.31
The analysis of the transformer ratio Ny remains the same as that of the
transmission line model, see (2.20). The cavity model of aperture coupled
antenna can therefore be represented as shown in Figure 2.9.

2.2.3 Results

Figure 2.10 shows the cavity model and the transmission line model anal-
ysis of an aperture coupled antenna. It can been seen that the resonance
frequency, resistance and reactance variations agree well with experiments
of [30]. The difference in resonance frequency between the cavity model
analysis compared to transmission line model is less than 0.02GHz.

Figure 2.11 shows the sensitivity on the resonant frequency as a function
of slot length. It can be seen that for a change of about 5mm in slot length,
the resonant frequency shifts by about 100MHz. The variation in resonant
frequency with slot length agree well with the results in [30] for the same an-
tenna. Figure 2.12 shows corresponding variation of resistance at resonance
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Figure 2.10: Input impedance of an aperture coupled patch, Patch data:
W=30mm, L=40 mm, €., =2.54, H=1.6mm. Stub data: e€,.0=2.54,

H,,=1.6mm, W,,=4.42mm, L;=20mm. Aperture data: W,=1.55mm,
L,=11.2mm ( See figure 2.7.)

with the change in slot length. It can be seen that there is good agreement
between the resistance at resonance between cavity and transmission line
models with the experiments of [30].

Figure 2.13 shows the effect of an offset in the slot position measured from
the center along the length of the patch. The dimension of the parameters
are same as that of Figure 2.10 and the frequency for the simulation is reso-
nant frequency of Figure 2.10. It can be seen that resistance and reactance
has large variations with the offset. As has been indicated under single sub-
strate case these variations are useful in matching active circuits. It can be

seen that for the zero offset case the resistance and reactance are same as
that of Figure 2.12
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Figure 2.11: Aperture coupled antenna: sensitivity of resonant frequency
with respect to slot length: W,,=4.95mm. Other data same as that of
Figure 2.10.
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Figure 2.12: Aperture coupled antenna: Sensitivity of the input resistance
at resonant frequencies with respect to slot length: All the data same as
that in Figure 2.11.
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Figure 2.13: Aperture coupled antenna: Sensitivity of input impedance
with respect to offset in slot position, slot-length=12mm, all other data
same as that of Figure 2.10.

2.3 Micro-machined aperture coupled microstrip
antenna

The micro-machined antenna realised on silicon wafer is shown in Figure
2.14. Tt consists of two high resistivity silicon wafers one on each side of

Patc : Membrane

Ground plane H N
Slot_ Silicon wafer

Stub

Figure 2.14: Micro-machined H-slot coupled microstrip antenna.

a ground plane. The radiating patch is etched on the top wafer and the
microstrip line is etched on the bottom wafer. The microstrip line couples
to the radiating patch through an aperture. To increase the coupling and
to reduce the back-lobe from the aperture, an H-shaped aperture is used
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as shown in Figure 2.15. Part of the silicon in the top wafer is etched
away to form an air filled cavity. As shown in Figure 2.14, the top side
of the cavity is separated from the metalisation forming the patch by a
thin silicon membrane. This procedure in fabrication helps in achieving a
good electrical performance of the antenna, since the effective ¢, of the top
substrate is reduced. Also the thin membrane provides mechanical support
for the metalisation forming the patch. If the processing for the top wafer
uses wet etching, then the cavity will get a pyramidal shape where the angle
between the side walls and the bottom surface is defined by the crystal
planes. In the antenna considered dry etching has been used which gives
the cavity a rectangular shape. The detailed processing steps followed in
the fabrication of the antenna is discussed in [31].

w

Slot

Patch :
L

Figure 2.15: Top view of micro-machined H-slot coupled antenna.

2.3.1 Transmission line model for micro-machined aperture
coupled antenna

The analysis followed for the micro-machined aperture coupled antenna is
essentially the same as that of an ordinary aperture coupled patch antenna,
discussed in section 2.2.1. But the determination of the effective dielectric
constant, derivation of suitable expression for self impedance of the H-slot
and the modification for aperture field distribution from I-slot distribution
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has to be added to the analysis .

Effective dielectric constant of patch substrate

The most crucial part in the analysis of the micro-machined antenna is
the derivation for the expression of effective dielectric constant of the top
substrate forming the cavity. In [32] follows a capacitor model, where the
effective dielectric constant of the cavity is analysed as a the dielectric con-
stant of combination of two capacitors with silicon and air respectively. The
results of [32] can be written as follows,
€r

14 (g — 1)

€c (2.32)
where b is the height of air cavity and a is the thickness of the membrane
supporting the patch. A more accurate way of finding the effective dielectric
constant of the cavity follows the results for suspended-substrate microstrip
lines derived in [33][34]. Consider the suspended microstrip line shown in
Figure 2.16 where the substrate of dielectric constant €, and thickness a is
suspended below the microstrip. The remaining region between the sub-
strate and ground plane is assumed to be air having a thickness b. By

‘ W

Air b

\ Ground plane

Figure 2.16: Suspended-substrate microstrip line.

the least square curve fitting method together with the computationally
intensive spectral domain analysis, it has been shown in [33][34] that the ex-
pression for effective dielectric constant (e.) of the substrate can be written

as,
€e = [1+%(a1—blln¥> (%—1)]_2 (2.33)

4
ar = (0.8621 ~0.1251In %) (2.34)

where,



2.3. MICRO-MACHINED APERTURE COUPLED MICROSTRIP
26 ANTENNA

4
by = (0.4986 ~0.13971n %) (2.35)

The above expressions has been used as the starting value in the following
way to derive the final expressions of effective dielectric constant.

1) Substitute a = H — hgir and b = hgiyr in the above equations where
hqir is the height of the air cavity shown in Figure 2.14.

2) The quasi-static expression for the effective dielectric constant of the
microstrip line [35] is then used to find the dielectric constant e, of uniform
cavity of height H bounded by a strip of width W. The following equation
can then be iteratively solved to find e,

e+l e —1 1
€ — + =0 2.36
( 2 2 \/1+12H/W) (2.36)

Thus by changing €, to €. in Figure 2.7, we follow the same analysis as
for a transmission line model of aperture coupled patch.

Further accuracy in the determination of €. (see 2.33) may be achieved
using the complex CAD models described in [36]. According to the analysis
of [36],

ee=(1—fif2) " (2.37)
where,
1o (2.38)
1 7 :
3 W\
fo= gci (7> (2.39)
where,

=Y, (9) (2.40)

More details and the polynomial coefficients d;;,% = 0..3,j = 0..3 are given
in appendix-C.
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Self impedance of the H-slot

It is to be noted that in section 2.2.1 for the derivation of the aperture
impedance Yy, the aperture is assumed as a parallel combination of two
slotted lines, and the final expression for the aperture impedance is given in
(2.15). The H-slot used in the micro-machined antenna can be considered as
a combination of six different slotted lines, each representing one arm of the
slot and referenced to the slot center. The wave number of the slot is derived
as discussed in section 2.2.1. The expression for the H-slot impedance can
then be written as follows [37],

2tan(kqe(Lg — Wy)/2) — cot(keLp/2)
2 + cot(koLp/2) tan (ke (Ly — Wy)/2)

Yo, = —iYos (2.41)

Modification of the slot electric field

Since the H-slot causes a different electric field distribution compared to
I-slot distribution (2.16), the following modification may be used,

Vo ‘e(jka(La*2|y*yoD) + Fh| X
W, |elkaLa) 4 T ’ (2.42)
o] < Wa/2 |yl < (Lo — Wa) /2

Ea

where I'j, is the reflection coefficient of one side arm referenced to the main
arm of the H-slot (see Figure 2.15) given by,

_ 2jtan(k,Ly/2) — 1

" 95 tan(keLp/2) + 1

(2.43)

By substituting (2.42) in (2.18) the transformation ratio Ny given in (2.18)
can be numerically solved.

2.3.2 Results

Two set of antennas are fabricated using silicon based micro-machining tech-
nology. The silicon wafers (¢, = 11.7) has a thickness of 254um (substrate for
patch) and 100pm (substrate for microstrip line). The thickness of ground
planes are approximately 1um. See Figure 2.14 and 2.15. The thickness of
membrane is 50um. The patch dimensions for first set is W = L = 1514um
and for the second one W = L = 1714um. The H-slot dimensions are
W, = 100um and Lp = 596pm. For the microstrip stub the width is
Wy, = 84um and the stub-length is, L, = 450um. To accurately repre-
sent the model, microstrip open end effects has been included. Experiments
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were conducted for two different slot length L,, namely L, = 996um and
L, = 1100pum. The transmission line model has been used in the analysis
for both the suspended substrate microstrip line model(SSM) and capac-
itor model(CM). Figure 2.17 shows the comparison of the simulated and
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Figure 2.17: Return loss characteristics of the micro-machined H-slot cou-
pled microstrip antenna.

experimental results for the micro-machined antenna . The return loss mea-
surements [31] were made using a wafer-probing system described in [38]. It
can been seen from Figure 2.17 that the resonant frequency for the experi-
mental and the suspended substrate microstrip line model(SSM) are about
the same. For the capacitor model the tuning frequency for the antenna is
always higher. It can be seen from Figure 2.17 that the tuning frequency is
not very sensitive to small changes in slot length L,. However the tuning
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frequency and the return loss characteristics has a large change with the
increase of size of the patch from W = L = 1514um to W = L = 1714um.
The calculated effective dielectric constant using the suspended substrate
microstrip model is approximately 1.48 and with capacitor model described
in [39] the value is approximately 1.21 for both W = L = 1514um and
W = L = 1714pm. In a future work accurate expressions for effective loss
tangent may be included in the model. It is to be noted that parameters such
as the thickness of ground plane has been taken to be zero in the present
analysis. Also the losses in the microstrip line and cavity has been neglected
to make the analysis simple. As a future work improvements of the model
incorporating the above parameters may be carried out. Simulations for
the entire frequency sweep with 168 frequency point took only about one
minute on a personal computer. This can be considered extremely fast con-
sidering the time taken by commercial simulators employing the full wave
electromagnetic methods for the same problem. It is also to be noted that
there may be fabrication errors and measurement errors because of the small
dimensions used in the design at millimeter-wave frequencies.

2.4 Conclusions

Transmission line and cavity model analysis is applied to generate a com-
puter program for active microstrip antenna. The performance of the pro-
gram has been tested on different antennas. The transmission line model
has then been extended to incorporate a suspended substrate microstrip line
model for analysis of millimeter-wave micro-machined antenna. Suitable
modifications for the H-slot field distribution is introduced and simulated
and experimental results are compared. Further improvements in the model
is possible by incorporating the losses and the finite thickness of a slot in
the ground plane. Excellent computational efficiency and less memory usage
indicates that the method can be easily coupled to active circuit simulator
and an optimization tool. In a future work the method will be extended to
the design of active microstrip antennas.
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Chapter

Spectral domain analysis of slots
and slot matching for designing
microwave amplifiers

In this chapter a computationally efficient method is introduced to analyse
slots in the ground plane of microstrip line. The proposed method combines
the spectral domain method derived in [40] and the transverse resonance
technique derived in [27]. In [40], the unknown slot fields are represented
as a linear combination of basis functions with unknown coefficients. The
method of moments was then used to deduce the coefficients of each basis
function. In representing the slot fields, piece wise sinusoidal(PWS) modes
has been used as basis functions and it was concluded that at least three
modes are needed to accurately analyse the slot. It is concluded in the
present work that the source of error in the representation of slot electric
field in [40], arises from the error in the wave number of PWS. It will be
demonstrated in this chapter that by using the correct wave number of a
single PWS mode it is possible to achieve the same results as in [40]. Thus
the method being proposed is computationally more efficient since the time
required in finding exact wave number of single PWS is small [27]. The
potential for such fast analysis of slots is demonstrated by designing a low
noise amplifier based on non resonant slot matching. Although the slots
considered in the design of amplifier are different from the normal rectan-
gular slot in the spectral domain analysis, the same analysis is planned in
the future to be extended to non rectangular slots.

31
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The motivation of non resonant slot matching in designing microwave am-
plifiers [41] arises from the disadvantages of transmission line matching us-
ing microstrip lines. For many applications the disadvantages of planar
transmission lines, such as large area consumption and conductor losses are
undesirable. The results of [40] points to the fact that the reactance to re-
sistance value of the slot impedance can be very low provided that the slot
is operated in the non-resonant region. Similar results for wide rectangular
slots are reported in [42]. The low resistive part of the slot impedance at
the operating frequency ensures minimum radiation losses. Simulated and
experimental results of this chapter indicate that the gain and noise figure
characteristics of the slot matched amplifier is superior to that of microstrip
matched amplifier. Various sections in this chapter are connected as follows:

The properties of sandwich-slotlines will be examined in section-3.1 with
emphasis on derivation of slotline wavelength. The detailed analysis however
has been carried out using transverse resonance technique in appendix-D for
different classes of sandwich-slotlines. Exact slotline wavelength is then used
to carry out a spectral domain analysis of rectangular slots in section-3.2.
Application of non-resonant slots in designing microwave amplifier is then
described in section-3.3.

3.1 Sandwich-slotlines

Since the spectral domain analysis of slots followed in this chapter needs
determination of exact wave number in the corresponding slot line, we first
examine the properties of the general sandwich-slotline shown in Figure 3.1.
In spite of interesting properties such as ease in fabrication and connectivity
with active circuits the slotlines are not popular compared to planar trans-
mission such as microstrip lines. One of the main reasons for the above sit-
uation arises from the computational complexity involved in extracting pa-
rameters such as propagation constant and characteristic impedance. More-
over for optimum performance such as minimum radiation loss, the slotline
wavelength should be very small compared to free space wavelength. This is
accomplished by using a high permittivity substrate which can be expensive.
The classic paper by Cohn [27] explores the properties of slotlines using sin-
gle substrate by means of transverse resonance technique. In [27] the guided
wavelength of the slot is expressed as the transverse resonance wavelength
between the junction of waveguides with electric walls across the slotline
separated by half the slotline wavelength. The characteristics of single sub-
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Figure 3.1: Sandwich-slotline of width w between two dielectric substrates
in the presence of parallel conducting strips of width by and bs.

strate slotline is further investigated in [43] using a spectral domain method
which is more complex to use compared to [27]. In single layered slotline
the parameters such as propagation constant and characteristic impedance
is limited by the choice of substrate dielectric constant and width of the
slot. Sandwich-slotline [28] provides an additional substrate on top of the
slotline. Thus the characteristics of a single substrate slotline can be further
varied by using the parameters of the new substrate such as its thickness and
dielectric constant. Since the use of multilayer techniques in microwave cir-
cuit design is gaining momentum, the use of extra substrate is not an added
problem for the use of sandwich-slotline. An interesting variation of this
new approach is using conducting strip on top of the substrates. It is seen
in [28] that the strip has a much larger effect on the propagation character-
istics compared to mere variation of the substrate properties. Appendix-D
investigates the properties of a sandwich-slotline in the presence of paral-
lel conducting strip using transverse resonance technique and specific cases
such as sandwich-slotline on silicon wafer is investigated. The technique
followed is the same as that in [27], except extensions which take care of ad-
ditional substrates and strips [28]. In the following section simulated results
based on the analysis of appendix-D for various classes of slotlines will be
presented.
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Results
Slotline on single substrate

The first structure simulated is a single substrate slotline with no conducting
strip (see Figure 3.2). The transverse resonance technique with magnetic
walls separated by 75mm has been used in the simulation. The dielectric
constant and thickness of the substrate are €,9 = 20 and dy = 3.425mm
respectively where €; = €,;¢g. The width of the slotline, w = 0.625mm. It
can be seen that there is wide variation in propagation characteristics for
both the effective dielectric constant and propagation constant. The same
structure has been simulated and measured in [27]. It can be seen that the
results agree well.

€o

d, €,

Figure 3.2: Slotline on single substrate.
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Figure 3.3: Dispersion characteristics of slotline on single substrate.
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Sandwich-slotline with a parallel conducting strip

The structure studied is shown in Figure 3.4. The width of the slotline is
w = 1mm. The variable is the width of the conducting strip bs. The thick-
ness of the substrates are d; = 0.8mm, do = 0.8mm. Dielectric constants
of both the substrates are €,1 = €,9 = 2.17. For the modeling, the magnetic
walls in the top layer is separated by 3\ while the conductor backed layer
has the magnetic wall separation of bs.

Figure 3.5 shows the simulated results. The same structure has been simu-
lated in [28] but only for 2.5GHz. It can be seen that both the results agree
well. From the results of Figure 3.5 we see that the size of the conducting
strip has a large influence on both the characteristic impedance and effective
dielectric constant. It can be seen that when by increases the characteristic
impedance drops sharply until about by = 0.4\, but for sufficiently large by
characteristic impedance remains constant.

dy

Figure 3.4: Sandwich-slotline backed by a parallel conducting strip.

To study the dispersion characteristics, results are simulated for two more
frequencies namely 1GHz and 5.5GHz. The differences in characteristics
between the three frequencies indicates the strong non-TEM nature of the
wave propagation.

Sandwich-slotline with two parallel conducting strips

Micro-machining technology for RF components using silicon is a new re-
search area [44]. In this simulation we investigate the properties of a micro-
machined slotline sandwiched between a silicon wafer and air gap. Such a
structure may be more convenient to manufacture compared to the coplanar
line, at the same time resulting in large difference between slotline wave-
length and free space wavelength. The later property enhances the perfor-
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Figure 3.5: Sandwich-slotline backed by a parallel conducting strip: effect
of the width of the strip on the characteristics.

mance of the slotline. In the present simulation it is assumed that conducting
strips are present in each layer. See Figure 3.6, the data assumed are, width

by

Figure 3.6: Sandwich-slotline backed two parallel conducting strips.

of the slot, w = 50um and for the silicon wafer the dielectric constant and
thickness are, €,1 = 1, €0 = 11.7, and do = 200um respectively. The width
of the conducting strips b1 and be are 1500um and 500um respectively. The
large widths are deliberately chosen to simulate it as the ground plane. Fig-
ure 3.7 shows the simulated results of the structure. The effective dielectric
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Figure 3.7: Sandwich-slotline backed two parallel conducting strips.

constant varies almost linearly with a positive slope with respect to di. The
characteristic impedance first increases and then decreases. It can be seen
that the characteristic impedance is around 50¢2 for all the cases. The in-
crease in d; from 100 to 200um results in small change in characteristics
compared to the change from 50 to 100um. This indicates the reduction of
influence of conducting strip with the distance.

3.2 Spectral domain analysis of slots

3.2.1 Application of reciprocity theorem.

Figure 3.8 shows the geometry of microstrip line fed rectangular slot of
length L and width W. Let the admittance of the slot be Y¢. Since mi-
crostrip line of small width can be accurately described by its quasi TEM
representation, only that mode is used to represent it as a transmission line.
The discontinuity in voltages between slot and microstrip line is represented,
similar to that of aperture coupled antenna in Chapter 1 by a transformer.
In order to derive Y€ and transformer ratio the reciprocity theorem can be
used by assuming a known slot field representation but with unknown am-
plitudes.

Refer Figure 3.8. Consider the electromagnetic fields of microstrip line refer-
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Figure 3.8: Rectangular slot with a microstrip feed.

enced to the center of slot (z = 0). Let E*, H* and E~, H™ be the incident
and transmitted electric and magnetic field vectors respectively. Then total
fields can be written as,

_ E* E-, f
o _—I—R , forx <0 (3.1)
TET, for z >0
_ H* +RH—, f 0
H= _-l- , forz< (3.2)
THT, forz >0
E* = (e,0) + €,2) €72
(eyf + e:2) (3.3)

H* =+ (hy§ + h,2) X"

where [ is the effective propagation constant of the microstrip line. The
following normalisation criterion is used for the representation of microstrip

fields,
00 00 _
/ / eEXh-2dydz=1 (3.4)
y=—o0 J2=0

where & = ey§) + €,2 and h = hy§ + h,2.
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A single piecewise sinusoidal mode is used to represent aperture electric
field.
For |z| < W/2,|y| < L/2, the aperture field is then given by,

E® = ¢e(z,y)d (3.5)
where the only PWS mode used in this chapter is represented by,
sink(L/2 — |y|)

a _
e @y) =V R L2 (36)
By applying the reciprocity theorem,
/Exﬁ+.dg=/E‘+xﬂ-dg (3.7)
S S
/Exﬂ.dg:/ExH-dg (3.8)
S S

where S is the closed surface bounded by the effective cross section of the
microstrip line, the aperture surface and the walls of microstrip line [40].
For the quasi TEM mode being considered in this chapter e, = h, = 0 for
microstrip line. Then (3.1),(3.2) and (3.7) yields,

R=AV = e(z,y)hy(z,y) ds (3.9)
Sa
Similarly (3.1),(3.2) and (3.8) yields,
Vo a
T=1- 5 [ e (z,y)hy(z,y)ds=1—R (3.10)
Sa

There are three unknowns namely R,T and Vj in the last two equations.
Therefore we need one more equation for the solution of the three quantities.
Enforcing the continuity of Hy over the aperture,

H = HJ + H, (3.11)

where H and H;/ are the exterior (z > 0) and interior field (z < 0) due to

aperture field. HJ is the interior field (z > 0) due to feed line modes.
At £ = 0~ the feed line magnetic field can be written as,

H} = (1-R)h, (3.12)
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Defining Green function GgM (Appendix-A) to account for Hy fields on
both sides of aperture(z = 0) due to a y directed magnetic aperture current,

Hf — H, = VO/S GIEM (2, = mo, o) - €* (0, 0) dso (3.13)

Here, G%M can be interpreted as the magnetic field H, at (z,y,0) due to
¢ directed unit magnetic current element at (zo,y0,0). From (3.11), (3.12)
and (3.13) we can write,

Vo | GEM(z,y;20,v0)e (20, y0) dso
S0 (3.14)

= (1 = R)hy(z,y), for [z <W/2,|y| < L/2

Multiplying the above equation by e*(z, y9) and integrating over S, we get,

Vo/ / G M (, 5 20, y0)e® (0, y0) ds dso
Sa /5,

(3.15)
WY* = AV(1 - R) (3.16)

where
Y= / / eg(w’y)GZ/M(m’y;manO) ) eg(‘%'anO) ds dsO (317)

The three unknowns Vg, R, T can now be written in terms of Y¢ and AV
as,

AV AV? 2Y¢€

Vo AV2+2Y6’R AVZ 4+ 2Y,’ AV? +2Y, (

—R) (3.18)
The impedance of the slot, Z transferred to microstrip line with character-
istic impedance, Z¢ can now be written as,

2R AV?
-7 -7 1
Z=Zcy—p=2ce (3.19)

Thus the microstrip fed rectangular slot can be represented by a transmission
line model as shown in Figure 3.9. In the Figure 3.9, N = AV/Z|.
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Slot

Microstrip line

Figure 3.9: Transmission line model of a rectangular slot with microstrip
feed.

3.2.2 Spectral domain representation of slot impedance

The integral given in (3.17) can now be written in spectral domain as,

€ LI > fa 2 ~HM
Vieqm | [BGeky)] G dkedk, (320
r=—00 y=—00

where éﬁlM and GIIM [see (3.17 and Appendix-A] constitutes a Fourier

transform pair [40]. E%(ky,k,) represents the Fourier transform of the slot
electric field [see (3.6)] given by,

()T [ (=BT [T

(3.21)

ko L?

koL
4 sin e

E(ky, ky) =

sinc [

where sinc(z) = sinz/z. The transformation ratio of the slot AV [see(3.9)]
can be written in terms of the spectral domain Greens function G;‘;J [see
Appendix-A] as,

AV ky = —PB, ky) G (ke = —B, ky) H ky)cos(kyyoss)

1 © =~
g
(3.22)

where y,7¢ is the offset of the microstrip line from the center of the slot
(Figure 3.8) and H(k,) is the Fourier transform of the § component of
microstrip magnetic field. For this field, parallel plate model has been used
to define a pulse magnetic field function of height 1/W, s [40] where, W,
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is the effective width of microstrip line.

H(k,) = sinc (%) (3.23)

To facilitate the evaluation of (3.20) we can substitute k, = 7ycosf and
ky = ~sinf. Then using Appendix-A, (3.20) can be written in the following
form.

2 00 B 2
Ye :/ / [Ea(’y,ﬁ)] Géij(’y, 0) vdy df (3.24)
6=0 J~v=0

where from Appendix-A ég/M (77, 0) attains the following form.

Gy (7,0) = (3.25)

Thus the denominator D of C:’Z/M is a function of only 7. .". we have to
consider the poles of D(v) for integration. The method followed is to split
the integrand of 7 into singular and nonsingular part. The non singular
part can be integrated numerically. Cubpack++ an efficient and free C++
package has been used for the numerical integrations[45]. The integrations
over non singular part is discussed in Appendix-A

3.2.3 Results

Figure 3.10 shows the comparison of spectral domain method described here
and the method of moments technique in [40]. It can be seen that there is a
good agreement between both the methods. Dielectric constant and thick-
ness of the substrate are ¢, = 2.2 and d = 1.6mm. The slot width and length
are W = Tmm and L = 40.2mm respectively. The width of the microstrip
line is 5mm. It is seen that effective dielectric constant of the slot calculated
using [27], which has been followed here, varies between 1.29 and 1.32 in the
frequency range. But using the method followed in [40] the value is 1.6. It
can be thus seen that the reason for achieving correct results here lies in using
exact value of effective dielectric constant of slot. We can therefore conclude
that computational time can be drastically reduced by having one correct
PWS mode instead of using approximations for the effective dielectric con-
stant (or effective wave number) together with many basis functions in [40].

Figure 3.11 shows the simulated resistance characteristics of an offset fed
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Figure 3.11: : Resistance characteristics of slot with offset microstrip line
feed (see Figure 3.8 as a function of offset).

slot. The width and length of the slot are W = 2mm and L = 60mm re-
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Figure 3.12: Slot with offset microstrip line feed (See Figure 3.8): Reactance
characteristics of slot as a function of offset.

spectively. The substrate dielectric constant and height are 2.2 and 1.597mm
respectively. It can be seen that as the offset y,; (see Figure 3.8) increases
the resistance decreases due to less coupling to slot. The variations are ex-
actly similar to the experimental results of [46]. It is to be noted that the
resonant frequency for all the offset values remains the same and is equal to
about 2.075G H z. Simulated results for reactance characteristics is shown in
Figure 3.12. It can be seen that for the offset range used, the change in resis-
tance is almost twice as that of the change in reactance in the non resonant
region. Thus offset fed slots provides an effective way of reducing the resis-
tance of a resonant slot. Therefore the method has potential applications
for matching active circuits as will be discussed in the next section.

3.3 Design of low noise amplifier based on slot
matching

3.3.1 Series slot matching using non-resonant slots

The results of previous section indicate that a slot in the ground plane
of microstrip line can be represented as a series impedance. By adjusting
the resistive part of the slot impedance to a small value we can implement
matching circuits, for instance in amplifier designs. The low resistance of
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the slot ensures minimum radiation losses. This is the principle of slot
matching. Offset feeding is one way of reducing the resistance as has been
demonstrated in the previous section. It should also be noted that since
the equivalent impedance of the slot is in series with microstrip line, the
principle of matching is the series reactance matching technique, which is
not possible with usual transmission line stubs such as microstrip lines.

3.3.2 Amplifier design using nonresonant slots

The series slot matching is implemented for the output and input of a low
noise amplifier operating at a frequency of 1GHz. The transistor used is
ATF-10136 [47] in a common source configuration .

In the design, we have considered L-slot and dog bone slots for matching
the input and output respectively. The layout representation of the transis-
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! |
S 7omm_ 9ssmm
A y 7N\ 3
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Figure 3.13: Layout representation of the common source LNA (hatched
portion is slots used for matching) width of slots=0.6mm, substrate:-Teflon,
€, = 2.53,thickness = 0.8mm.

tor amplifier is shown in Figure 3.13. The optimum dimensions of the slot
has been derived from the performance criteria of the amplifier, which is a
gain of 18dB at noise figure of 1.5dB. The characterization of the slots were
done using a method of moments based CAD program [48]. The following
steps has been used for the designing the slot matched amplifier.
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e The amplifier input and output reflection coefficients were first deter-
mined for the assumed gain and noise figure.

e Planar simulator [48] is then used to design the slots as per the re-
quirements of the amplifier.

e The scattering matrix of the slots are then implemented in a circuit
simulator.

e The complete amplifier comprising of the transistor and slot combina-
tion is then simulated in an active circuit simulator and the gain and
noise figure characteristics are verified.

As a future work the theoretical approach followed in the previous section
can be coupled to the active circuit simulator, thus speeding the design of
the slot matched amplifier.

3.3.3 Results
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Figure 3.14: Slot impedance for the input and output match in series as a
function of frequency.

Figure 3.14 shows the simulated results of the slot impedances used for
input and output matching. It can be seen that the resistance is very small
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at an operating frequency of 1GHz. For the input match, since the trans-
verse length of slot is much less than the resonant length, the resonant
resistance is almost zero. This ensures minimum radiation losses from the
circuit. To compare the performance of the slot based amplifier, a shunt
stub matched amplifier was designed for the same specifications as above.
Figure 3.15 shows the comparison for the performance of LNA designed us-
ing slot matching and shunt stub matching. It can be seen from Figure 3.15
that there is close agreement between simulated and experimental results.
It can also be seen that the bandwidth and noise-figure characteristics is

Gain(dB)

0 L
0.2 0.4 0.6 0.8 1 1.2 1.4 16 1.8 2
frequency(GHz)

(=2
I

Noise-Figure(dB)
N S

0
0.2 0.4 0.6 0.8 1 1.2 1.4
frequency(GHz)

Figure 3.15: Performance characteristics of LNA.: solid line:= slot amplifier
(simulated), dashed line:= stub amplifier (simulated) , o o:=stub amplifier
(measured) and O O:=slot amplifier (measured).

better for slot amplifier compared to stub amplifier. It is also worth while
here to point out that overall size of the circuit is approximately half that of
the traditional microstrip stub amplifier. Further size reduction of the slot
amplifier is possible by controlling the resonant length of slots by dielectric
loading on the other side of ground plane and strips for further control of
slot characteristics. This is discussed in section-3.1.
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3.4 Conclusions

A combination of the spectral domain method and the transverse resonance
technique is applied to analyse a slot in the ground plane of a microstrip
line. The simulated results agree well with method of moments technique.
The proposed method requires less computational resources compared to
method of moments.

It has been shown that the resistance and reactance values of a slot
can be controlled by the amount of offset between the feed and the center
of the slot. This technique may therefore be useful for designing matching
circuits. The application of slots in matching active circuits has been studied
by designing the low noise amplifier. Improved characteristics for an LNA
has been achieved using the slot matching. The size of the LNA designed
using slot matching is nearly half than that of a traditional stub based
amplifier. The proposed method could be used designing microwave and
millimeter-wave active integrated circuits.



Chapter

Nonradiative Dielectric Waveguides
and applications

In this chapter applications of nonradiative dielectric(NRD) waveguides [49]
for multilayer integration technology are investigated. A new way of using
the NRD waveguide as a plug between two substrates is studied by using
the transmission line model. The application of NRD plugs as feeds for
antennas is further investigated by implementing a dual polarised NRD fed
microstrip antenna.

The interest in NRD waveguides stems from their suitability for implementa-
tion of multilayered integrated circuits and from advantages such as low cost
fabrication and loss loss characteristics. The low loss of the NRD waveg-
uide particularly at millimeter-wave makes it a more suitable waveguide
compared to coplanar lines and microstrip lines. The NRD waveguide has
previously been used in the design of a feed network for slot antennas in
[50], as a leaky wave feed for planar antennas in [51] and in the design of a
millimeter-wave oscillator in [52]. NRD guide based interconnects may be
extremely useful for the obvious reason that they are non radiative compared
with traditional interconnects which are radiative unless carefully designed
and posing challenges to EMC.

One of the key problems in the design of circuits involving NRD is the

coupling of electromagnetic energy in and out of the NRD waveguide. In
[49] a rectangular waveguide has been used as the feed for the NRD guide.

49
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Since most applications nowadays is based on planar technology, the rectan-
gular waveguide feed as used in [49] may tend to increase the overall size of
the system whereby loosing advantages of planar technology such as small
size- In [53] stripline feed has been used for the NRD guide feed, where the
feed structure also suffers from drawbacks such as large size and complexity
in design. The hybrid integration technology proposed in [54] where the
NRD guide serves as an interconnect between two different layers with en-
ergy coupled via an aperture is an attractive option in this context. Also,
since the interconnect is three dimensional, considerable space is released for
mounting active components between different layers. To analyse the NRD
connectors a transmission line model has been introduced [55]. The method
proposed speeds up the design phase of NRD guide based systems as com-
mercial simulators are not efficient for multilayer designs. In the present
analysis we consider only the dominant NRD mode, however further im-
provement in the accuracy of the model can be achieved by extending the
general framework proposed in this chapter to higher order modes. In prac-
tice the initial design achieved using the transmission line model can be
further refined using a full-wave simulator rather than using the fullwave
simulator from the beginning, thereby saving time in the design.

4.1 Dielectric connectors based on NRD waveg-
uides

The dielectric connectors studied in this chapter is depicted in Figure 4.1
and 4.2. The difference between Figure 4.1 and Figure 4.2 is that in Figure
4.2 the slots lie one over the other so that the effective length of the guide
is reduced.

Since the microwave and millimeter-wave integrated circuits on single sub-
strates are becoming more and more complex, the NRD guides can serve as
effective building blocks for integrating two planar integrated circuits one on
each side of the NRD. In the above process the NRD guide also fulfills the
requirements of connectors such as minimum radiation from the transitions
and less losses. It has also been proved that compared with other transmis-
sion lines such as coplanar lines and microstrip lines, radiation losses are
small from junctions and curved portions of the NRD guide [49].

The possible modes of the NRD are the longitudinal section magnetic and
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Figure 4.1: NRD waveguide based multilayer structure.

longitudinal section electric modes. Appendix-B gives the electromagnetic
analysis of an NRD guide of height ¢ and width b. The fundamental cri-
terion to be satisfied for nonradiative operation of the NRD guide is that
distance between the ground planes is less than half the free space wave-
length (Ag/2).Therefore the NRD guide has to be operated between the
launch of the fundamental mode and higher modes with the constraint that
the distance between the ground planes, a, has to be less than Ag/2.

Figure 4.2: Multilayer structure based on NRD plug.
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A diagram showing the possible a,b combinations for operation as mentioned
above is called the operational diagram. Figure 4.3 shows the operational
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Figure 4.3: Operational diagram for an NRD guide based on silicon, €, =
11.7.

diagram of an NRD guide based on silicon. The normalised height a) (nor-
malised with respect to wavelength) is shown on the x-axis and the product
of normalised width by and /e, — 1 is shown on the y-axis. Each point on
a particular modal curve on the operational diagram denotes a particular
width-height combination to launch the mode. As usual with any waveg-
uide, we have to limit the operation of the waveguide to its fundamental
mode. To meet this objective in the case of the NRD guide, its operational
diagram is very convenient as it simplifies the understanding of the otherwise
complex propagation characteristics. Thus we can see from Figure 4.3 that,
for single mode operation the width-height combination needed is confined
between the upper portion of the fundamental mode curve LSMi; and the
lower portions of higher order LS Mo and LS M1 mode.

From the derivations in appendix-B we can see that the propagation con-
stant of the fundamental symmetric mode, LSM;; and the second higher
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order symmetric mode, LS My, satisfies the following eigen system,

/Byn tan (ﬁy;b) = &(n (4.1)

where

2 =ki(er — 1) — B2,

/BTan = kg@‘ - (m7r/a)2 - ﬂ;n

Byn is the y-directed propagation constant in the dielectric region and ¢, is
the corresponding attenuation constant in the air region. For propagation
the phase constant (3,,, should be real and positive. It should be noted that
Bynb/2 is between (n—1)7/2 and nr/2 for the mn™ mode. Similarly, for the
evaluation of the propagation constant of the antisymmetric mode LS Mo
we have to solve the following eigen system.

/Byn
Bynb
tan (yT)

To prevent the launch of higher order LSMs; mode, which results in a

(4.2)

= —€(n (4.3)
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Figure 4.4: Operational diagram for NRD guide based on Teflon, e, = 2.04.

larger frequency range for single mode operation, €, should be low. Thus
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the propagation characteristics are enhanced by less costly low dielectric
constant materials. Figure 4.4 shows the operational diagram for NRD guide
with teflon (e, = 2.04) as the dielectric material. It can be seen that LSMas;
is absent throughout the operating region where a) < 0.5 resulting in a higher
operational bandwidth. Thus we can conclude that the operational diagram
is indispensable for selecting a material for implementing the NRD guide.
Of the losses in the NRD guide, the dielectric losses are more predominant
as most energy of the wave is concentrated in the dielectric region. Hence
ideally loss tangent should be as small as possible. Conduction losses for
the dominant LSMj; is very small since the electric field is predominantly
parallel to the conducting plates.

4.2 Development of the transmission line model

The transmission line model of the NRD guide based multilayer structure
(see Figure 4.1) is shown in Figure 4.5. As can be seen in the transmission
line model, the slots have been efficiently described by two transformers and
the self-impedance across the slot. For the development of the transmission
line model of the structure, it is assumed that the dominant LS My, is the
propagating mode of the NRD guide. The transformation ratios of the slots,
N7 and Ns, can be found as the ratio of the modal voltage induced in the
microstrip line and the NRD respectively to the slot voltage respectively.
j7X in Figure 4.5 account for stored energy at the slot due to higher order
modes of the NRD guide.

The following electric field representation has been assumed in the slot for
deriving the transformer ratios.

g, = Yosin(ka(3 — 1) .
’ W sin(%)

(4.4)

Where Vj represents the voltage at the center of the slot. W, and L are the
width and length of the slot. The slot wave number (k,) which is different
from the free space wave number (kg) can be derived applying the Cohn’s
method [27] modified to account for the presence of a conducting strip of
the NRD guide at the distance Hy from the slot. This method is explained
in appendix-D and section-3.1.
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Port -1

Microstrip Line

Microstrip Line Port -2

Figure 4.5: Equivalent network model of the NRD guide-microstrip line
transition (see Figure 4.1).

Then transformer ratio from the slot to the NRD guide and from slot to the
microstrip line can be found as follows,

N,=2 (4.5)

where g=1 and 2 for the microstrip line and the NRD guide respectively. V;
represents the modal voltage induced in guide ’g ’ which can be found by
the following equation as,

v, = // # x By - hydS (4.6)
S

From the representation of the LSM/; fields in the case of the NRD guide
(Appendix-A) and the representation of quasi TEM fields for the microstrip
line the normalised modal magnetic field h,, can be determined satisfying
the following normalization criteria,
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// en-endSy =1 (4.7
S

Here e represents the orthogonal electric modal vector in the coupled guide
which is the NRD or the microstrip line. S, denotes the guide crosssection.
The transformation ratios can thus be derived as,

cos (kqLs/2 — kqWesf/2) — cos (koLs/2)

Y Wikan/Way has sin (kaLs/2) )
: 47k, sin (Wsﬂy1/2) (COS (ﬁ11L5/2) — CO8 (kaLs/2)) (4.9)

- TaWB11By1 (B11% — ka?) cos (bbetay /2) sin (kqLs/2)

As shown in Figure 1, hjs represents the height of the microstrip line sub-
strate and b and a are the width and height of NRD guide. W,y is the
effective width of the microstrip line. T, which essentially is a normalization
term can be derived as,

T \/a(bﬂy1 + sin(bfy1)) n &’a (4.10)

43,1082 (bBy1/2) 2¢1

By1 and (; represents the transverse wave numbers of the fundamental NRD
mode satisfying the eigen system,

By1 tan (bﬂTm) =€C1 (4.11)

where 11, the fundamental LSM;i; mode propagation constant is given by,

Bi12 = erko? — (12 (4.12)

The development of a transmission line model of two-layer aperture-coupled
antenna in chapter 2 follow a similar analysis. Open ends of the NRD guide
in the present analysis has been modeled as a perfect open, however for pre-
cise design of the structure using a transmission line model, the open ends
may be analysed using the modal analysis as a transition from the LSMi;
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mode to the parallel plate mode. For simplicity the higher order modes
which account for the X in the transmission line model (see Figure 4.5) are
neglected in the analysis.

Finally, the input impedance of the structure can be written as,
zZY | Z
Zi = (% I Zap) NZ+Z¥ (4.13)
2
where,
Zi || Zj = Z:Z;[/(Z; + Zj) (4.14)

Zap is the slot self impedance across the transformers and Zggs is a function
of the distance between the slots Lgg, (see Figure 4.5) as follows,

w21 +jZg tan(B11Lss)

Zgs = . (4.15)
* Z)' +jZr tan(Br1 Lss)
where Zr is given by,
ZM+ZM
7= (5 20y ) N 11 28 (4.16
i

Zé( , K = M, N represents the impedances provided by the microstrip ine
stub and the NRD stub respectively at the center of the slot and ZK, K =
M, N are their characteristic impedances.

As described in Chapter 2, slot self-impedance can be represented as the

equivalent impedance of two parallel shorted slotlines with shorts at :I:%
from the center of the slot.

4.3 Results

The application of the NRD as shown in Figure 4.1 has been discussed in
[64]. However the experimental analysis in this chapter focuses on NRD
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plugs as depicted in Figure 4.2. The transmission line model of the NRD
plug interconnect is essentially the same as the one for the geometry in Fig-
ure 4.1 with the distance between the slots taken to be zero. The dimensions
of the NRD guide are (Figure 4.1 and 4.2) b = 12mm, a = 12.7mm. The
NRD guide has been realized using substrate with a dielectric constant close
to that of silicon (¢, = 12). The microstrip line has been implemented on
Teflon substrate, ¢, = 2.52). The NRD stub and microstrip line stubs are
given by Ly = 6mm and Lj; = 8mm. Slot dimensions are W, = 1.5mm
and L; = 8mm respectively. The coupling, S2; between the microstrip line
and the NRD guide has been calculated using transmission line model and
compared with experiments (see Figure 4.6). Since NRD guide is at cutoff
below 4.9GHz we are not able to apply the transmission line model for the
structure below 4.9GHz, however we can see from the experiment that the
coupling cannot be neglected below 4.9 GHz. To study the behavior we have
presented the results using TM parallel plate modes in connector assuming
NRD is infinitely long along the slot and open +b/2 from the center of slot.
It can be seen that the behavior of the calculated results agree well with
experimental one.

S21dB

—251 N

_30}F
—_— Measured

—+—  Calculated (Parallal plate mode|
—*—  Calculated ( NRD mode)

-35 1
4.5 5 5.5 6
Frequency , GHz

Figure 4.6: Results for the NRD interconnect seen in Fig. 3.

To efficiently utilise space, particularly between the ground planes, a new
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way of using the dielectric interconnect is introduced, where a tail-ended
tapered microstrip line has been used as the feed for the dielectric intercon-
nect as shown in Figure 4.7. For this structure, the tapered line functions as

Figure 4.7: Microstrip-dielectric connector transition, Dielectric connector,
W=12mm, H=12mm, L=16mm, Microstrip stub, line and substrate dimen-
sions as same as in Fig. 3. Taper: b=2.26mm, B=10mm, Length =60mm,
Tail: d=6.5mm, c=2.6mm.

an impedance transformer. Since the modes in the dielectric connector is no
more nonradiative due to the absence of the second ground plane, there is a
strong tendency for waves to propagate forward as in tapered line antennas
thereby causing spurious radiation. The action of the tail is to efficiently
prevent this radiation while at the same time providing the fringing fields
necessary for coupling to the dielectric connector. The optimum position
of the open end of the tail is at the connector end due to the fact that
the maximum fringing field of open-ended microstrip line occurs at the air
boundaries. In Figure 4.8, results of the tail ended tapered line fed con-
nector is shown for various positions of the open end of the microstrip line.
The signs + and - denotes the position of open end of the tail is outside and
inside dielectric connector respectively. It can be seen that the optimum
position of the tail is when D, = 0 where the fringing fields are maximum
and connector distance from fringing fields of open end is minimum. For
D, < 0 the high ¢, of the connector prevents fringing fields to be excited
from tail, thus the coupling is less. For D, > 0, even though the fringing
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-30 I I I I I
4 4.2 4.4 4.6 4.8 5 5.2 54 5.6 5.8 6

Frequency , GHz

Figure 4.8: Dielectric connector fed by a tapered line with tail.

fields are stronger, the distance from the connector end prevents the fringing
fields to couple to the NRD.

One of the critical requirements in using two or more NRD plugs is that
there should be good isolation between different NRD plugs. Even though
by theory the LSM/LSE modes are highly evanescent outside the NRD
guide there has not been much effort in studying the finite ground effect on
the characteristics of NRD guide and mismatches from transitions. In order
to find an application for the NRD plugs at the same time studying the
isolation between NRD plugs, a dual polarised antenna has been designed
at 5.2 GHz (see Figure 4.9). The antenna uses an inset fed microstrip patch
and two substrates. The experiment as shown in Figure 4.9 helps in study-
ing the isolation between the NRD plugs. Figure 4.10 shows the measured
return loss characteristics and isolation between the ports of the antenna.
As can be seen from the diagram the return loss is well above 25dB at the
tuning frequency. The isolation between the ports reduces from a low value
and increases to about 13dB at the tuning frequency. This implies that iso-
lation is affected more through the antenna rather than coupling between
the NRD plugs itself.
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J
! Y —_— Return loss
/ | - - Isolation between ports
I

I I I
35 4 45 5 55 6 6.5 7
Frequency , GHz

Figure 4.10: Return loss and isolation between the ports of antenna in
Figure 4.10.
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4.4 Conclusions

Two different dielectric connectors useful for multilayer RF integration has
been considered in the paper. One such connector has been analysed using
a simple transmission line model. The simulated results agree reasonably
well with experiments. To further enhance the integration a novel tail ended
tapered line feed has been introduced. A suitable explanation of its working
concepts has been derived from experiments. To study typical isolation
between different NRD plugs a dual polarised antenna has been implemented
based on NRD plugs where it has been verified that the NRD plugs works
well showing negligible coupling between different NRD plugs. Thus the
experimental and simulated results of this chapter indicate that NRD guides
can be an attractive option for passive structures not only for millimeter-
wave frequency designs but also for complex designs at microwave ranges as
well.



Appendix

Spectral domain Green’s functions
for analysis of slots

Let G(ky, ky) be the Fourier transform of a given Greeen’s function G(z,y).
Then the spectral domain Greens function G(kz, ky) and G(z,y) are related
by,

1 00 % B b (e . B
G(z,y) = In2 /lm__oo /ky_—oo G(kx,ky)eﬂkw( 0) e7ky(y=30) gf.. dk, (A.1)

Green’s function waJ is defined as magnetic field component Hy at (z,y,0)
due to a % directed electric currunt element at (xg,yo,d) where d is the
thickness of the substrate of dielectric constant e,. C:‘?‘ZEJ can be derived
using (A.1) as,

~HJT —]kg. (67- — ].) sin kld kl
- al 2
Gym T. Ty, + Te (A-2)

Green’s function G%M is defined as magnetic field component Hy at (z,y,0)
due to a § directed magnetic current element (or Z directed electric current
element in a slot ) at (zg, yo,d). GZ%M can be derived using (A.1) as,

GHM _ _k—; [GEMD 4 GEM®) 4 GV (A.3)
07/0

where,

éHM(l) _ j(k‘l cos ki1d + jkoe, sinkld)(erkg — k;) (A4)
vy lem
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gkyki(er — 1)

AHM(2) _ A

ny TeTm ( 5)
2 2

~HM(3) _ _ (kO B ky) A

ny ]k2 ( 6)
where,

T, = ki cos kid + jkosinkid (A.7)
T = €rkacoskid + jky sinkid (A.8)
B> =kl +k, ko = 27/ Ao, no = /Z—:; (A.9)
K} = exkg — B2, ks = kg — B (A.10)

For B2 > ¢,k3 and 3% > k2 then,

k1= —j\/B% — k2, ky = —j\/ 8% — K} (A.11)

Evaluation of integrals involving spectral domain Green’s func-
tions

Consider the integral,
ky= _
I —/ / F(kg, ky)G(ky, ky) dky dky (A.12)
=—00 Jky=
Substitute k, = ycos(f) and k, = ysin(6). Then,

I= /0 / . 0)y dy df (A.13)

The following case arise in the spectral domain analysis of slot,

=Ll

First we split the integrand into singular and nonsingular part. Numerical
techniques can be applied to solve the non-singular part and analytical tech-
niques can be applied to solve the singular part.

9 4y do (A.14)
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Singularity cases for the spectral domain analysis of slot are as follows:

Casel: Let D(y) = ,/kiz — 72 and consider the evaluation of following inte-
gral,

27 ki+6
7= / / NG g (A.15)
0=0 Jy=k;—¢ kz2 2
Split the integral as

27 ki ki+d -
I = / / md7d9+/ Md»yde (A.16)
[ ¥ Y

=0 =k;—§ /kZZ _ 72 =k; /72 _ 1%2

For removing the singularity, in the first part substitute v = k; sin(y) and in
the second part substitute v = k; + sec(y). The resulting integrals are then
adaptable for numerical evaluation.

Case2: Let D(y) = f(y) and let there be a pole 7y in the limits of inte-
gration, 9 — 6 to 9 + d. Let § be very small.

To solve the integral apply Taylor series of f(7) at o and retain first non
zero term then,

F() = (v =) f (%) (A.17)

Now we use the following result from the theory of complex integration over
the real axis pole in a half plane,

we Ry o)
/7:70_5 G-l 00 = T ) (A-18)
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Appendix

Analysis of Nonradiative Dielectric
waveguide

\ | X
\ b \

Figure B.1: Cross section of NRD guide.

Figure B.1 shows the cross section of NRD guide. Let F and A be the
electric and magnetic potentials in a the region. Then E = —V X F and
H =V x A. Then from Maxwell’s equations we can write,

1
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1
H=-VxA — jweF + —V(V-F) (B.2)
Jop

The boundary conditions implies that the modes of the NRD guide to be con-
sidered are TMY and T EY modes. Pioneering paper in this field [49], refers to
this modes as longitudinal-section magnetic (LSM) and longitudinal-section
electric (LSE) modes.

LSM modes

For TMY or LSM modes F = 0 and A = jwep¢p®y, where ¢° is the scalar

potential function. Equations B.1 and B.2 reduces to,

. 1
E = —jwuoA + jw—ev(v -A) (B.3)

H=VxA (B.4)

The field components can be written in terms of scalar potential function
as,

1 8%¢°
By = —
¥ € 0xdy
1 82¢e
Ey = ko + —
y = kg + e 0y
1 62¢e
E,=—
€, Oyoz (B.5)
e
H; = —jweg Oz
H,=0
e
H,=j
Jweg oz

where, kg = w/po€g is the free space wave number.

LSM,,, symmetric modes
In this case,

¢¢ = Asin(mnz/a) cos(Byy) ly| < b/2

= Acos(Byb/2) sin(mrz/a)et /219D ly| > b/2 (B.6)
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The field has a cos(f,y) variation along the cross-section hence the name
symmetric mode. In the above equation A is an arbitrary constant, 3, is the
y-directed propagation constant in the dielectric region, and ( is the decay
constant in the air region. For convenience the common factor ¢/(“t=582) hag
been suppressed. The propagation parameters are related by,

B2 = ke, — (mm/a)? — ﬁz = k% — (mn/a)? + 2 (B.7)

where, 3 is the propagation constant of the wave.
The various field components are now given upon substitution in (B.5) as,

Dielectric region, |y| < b/2:

E; = —A(By/e)(mn/a) cos(mmz/a) sin(Byy) (B.8)
E, = —A(¢*/e,) sin(mmz/a) cos(Byy) (B.9)
B, = £jA(B, /) sin(mms/a) sin(6,) (B.10)
H, = —Awegf sin(mmz/a) cos(Byy) (B.11)
H,=0 (B.12)
H, = jA(weg)(mm/a) cos(mmz/a) cos(Byy) (B.13)
Air region, |y| > b/2:
E; = FA{(mm/a) cos(mnz/a) cos(ﬂyb/Z)eC(b/%'y') (B.14)
E, = £ Ag®sin(mnz/a) cos(ﬁyb/2)e“b/2_|y|) (B.15)
E, = +jABC sin(maz/a) cos(Bb/2)es /2 1¥D (B.16)
H,; = —AwepB sin(mrz/a) cos(%b/?)eqb/%'y‘) (B.17)
H,=0 (B.18)
H, = jA(weo)(m/a) cos(mmz/a) cos(Byb/2)et/2=v) (B.19)
upper and lower signs apply for air region in +7 direction.
g is given by,
g% = B2+ (mm/a)® = ke, — B} = ki + ¢ (B.20)

t

Matching E, at the air dielectric interface for the mn* mode,

,Byn tan (ﬁanb> = €(n (B'21)
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where,

Cﬁ = k(%(@" —1) - :Bjn

. = Ker — (mm/a)* — By,

The modes are usually denoted by, LSM,,1, LSM,,3, LSM,,5.... The
reference [49] refers to the above modes as LSM-even modes, denoted by,
LSMyn0, LS M2, LS Myp4..... where m =1,2...

(B.22)

LS My, antisymmetric modes

In this case,

¢¢ = Bsin(mnz/a) sin(Byy) ly| < b/2
= +Bsin(mnz/a) sin(ﬁyb/2)eg(b/2_|y|) y > b/2 (B.23)
= —Bsin(mnz/a) sin(ﬂyb/Z)eC(b/Q_w') y < —b/2

The field has a sin(fyy) variation along the crossection hence the name
antisymmetric mode. The various field components are now given upon
substitution in (B.5) as,

Dielectric region, |y| < b/2:

E; = B(By/€e)(mm/a) cos(mmz/a) cos(Byy) (B.24)
E, = B(g*/e,) sin(mnz /a) sin(Byy) (B.25)
E, = —jB(By/er)B sin(mnz/a) cos(Byy) (B.26)
H, = —Bweyfsin(mnz/a) sin(Byy) (B.27)
Hy,=0 (B.28)
H, = jBwey(mm/a) cos(mnz /a) sin(Byy) (B.29)
Air region, |y| > b/2:
E, = —B((mm/a) cos(mnz/a) sin(B,b)/2)es /2 1¥) (B.30)
E, = +Bg’sin(mnz/a) sin(ﬁyb/2)e<(b/2_‘y|) (B.31)
E, = jBB( sin(mmrz/a) sin(B,b/2)es /2~ 1¥D (B.32)
H, = twepfsin(mnz/a) sin(ﬂyb/Q)eC(bﬂ_‘yl) (B.33)
H,=0 (B.34)
H, = FB(weg) (mm/a) cos(mmz/a) sin(B,b/2)es /21D (B.35)
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In the above equations, upper and lower signs apply for air region in %3
direction.

Matching E, at the air dielectric interface for the mn'* mode,
Bynb
Byn cot (% = —(nér (B.36)

where,
(—n"=ki(e — 1) — Bon
672nn = k(2)67‘ - (m7r/a)2 - ﬂin
The modes are usually denoted by, LS Mo, LS M4, LS M .....

The Reference [49] refers to the above modes as LSM-odd modes, de-
noted by, LSMy,1, LS M,3.... where m =1,2...

(B.37)

LSE modes

For TEY (LSE) modes A = 0 and F = jwuo#®y, where ¢ is the scalar
potential function. Equations B.1 and B.2 reduces to,

E= VxF (B.38)
] 1
H= —jweF + —V(V -F) (B.39)
jwpo

The field components can be written in terms of scalar potential function
as,

h
E, = jwuoai (B.40)
0z
E,=0 (B.41)
. Ol
B, = —juom (B.42)
82(]5}7'
> = 309y (B.43)
82¢h'
2 h
Hy = kjerd" + 5 5 (B.44)
82¢h
H. =55 (B.45)

(B.46)
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LSE,,, symmetric modes

In this case,
¢¢ = C cos(mnz/a) cos(Byy) ly| < b/2 (B.AT)
= C cos(Byb/2) cos(mmz/a)eS®/2=1v)) ly| > b/2 .

The field has cos(f8yy) variation along the cross-section hence the name
symmetric mode. The propagation parameters are related by,

B’ = Ker — (mm/a)? — B2 =K — (mmfa)® + (*  (B.4g)

The various field components are then given by,

Dielectric region, |y| < b/2:

E; = Cwpof cos(mnz/a) cos(Byy) (B.49)
E,=0 (B.50)
E, = jCwuo(mm/a) sin(mrz/a) cos(Byy) (B.51)
H, = Cpy(mn/a)sin(mnz/a)sin(Byy) (B.52)
H, = Cg” cos(mmz/a) cos(Byy) (B.53)
H, = jCpyp cos(mnz/a)sin(Byy) (B.54)

Air region, |y| > b/2:
E; = Cwpof cos(mrz/a) cos(ﬂyb/2)eC(b/2_|yD (B.55)
E,=0 (B.56)
E, = jC(wpo)(mn/a) sin(mnz/a) cos(ﬁyb/Z)eC(b/%'y') (B.57)
H, = +C¢(mm/a) sin(mmz/a) cos(Byb/2)es /2~ 1) (B.58)
H, = Cg? cos(mmz/a) cos(B,b/2)es /2~ ¥ (B.59)
E, = +jCp¢ cos(mnz/a) cos(ﬂyb/2)e<(b/27‘y|) (B.60)

=+ apply for air region in +¢ direction.
g is given by,

g° =B+ (mn/a)® = kier — By = ki + (* (B.61)

t

Matching E, at the air dielectric interface for the mn** mode,

Byn tan (%) — ¢, (B.62)
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where,
(n=Fkg(er —1) = By
/BTZnn = k(2]67' - (mﬂ-/a’)2 - :Bgn
The modes are usually denoted by, LSE,,1, LSE 3, LSE,5.....

The reference [49] refers to the above modes as LSE-even modes, denoted
by, LSEpo, LSEm2... where m = 1,2...

(B.63)

LSE,,, antisymmetric modes

In this case,

¢° = D cos(mmz/a) sin(Byy) ly| < b/2
= +D cos(mnz/a) sin(ﬂyb/Q)eC(b/2_|yD y > b/2 (B.64)
= —D cos(mnz/a) sin(ﬂyb/2)eC(b/2_|yD y < —b/2

The field has a sin(8yy) variation along the crossection hence the name
antisymmetric mode. The various field components are then given by,
Dielectric region, |y| < b/2:

E; = Dwpop cos(mmz/a) sin(Byy) (B.65)
E,=0 (B.66)
E, = jD(wpo)(mn/a) sin(mnz/a) sin(Byy) (B.67)
H, = —Dpy(mm/a)sin(mnz/a) cos(Byy) (B.68)
H, = Dg* cos(mnz/a) sin(B,y) (B.69)
H, = —jDpyp cos(mmnz/a) cos(Byy) (B.70)
Air region, |y| > b/2:
E, = £ Dwpyf cos(mnz/a) sin(ﬂyb/2)e<(b/2*|y‘) (B.71)
E,=0 (B.72)
E, = +jD(wpo)(m/a) sin(mmz/a) sin(B,b/2)es /2~ ¥ (B.73)
H, = D{(mm/a)sin(mnz/a) sin(ﬁyb/2)eg(b/2_‘y|) (B.74)
H, = +Dg? cos(mnz/a) sin(ﬁyb/Z)eC(b/Q*‘yl) (B.75)
H, = jDBC cos(mmz/a) sin(B,b/2)es¢/2~¥D (B.76)
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In the above equations + apply for air region in £ direction.
Matching H, at the air dielectric interface for the mn* mode,

By'n cot (%) = _Cn (B77)

(n=Fk3(er —1) = Byn
1872nn = kger - (mﬂ-/a’)2 - ﬁZn
The modes are usually denoted by, LS F,,2, LS Fpya, LS Epyg..... [49] refers to

the above modes as LS E-odd modes, denoted by, LSE,,1, LSEp,3, LS Epys5.....
where m = 1,2...

(B.78)
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Accurate CAD models for
suspended substrate microstrip line

Consider the cross-section of suspended substrate microstrip line as shown
in Figure C.1. From the spectral domain analysis and least square method

‘ W

& a

Air b
\ Ground plane

Figure C.1: Suspended-substrate micrfostrip line.

followed in [36], the effective €, of the suspended substrate microstrip line
can be written as,

€= (1—fifa)7? (C.1)
fr=1-— (C.2)
1= NG .

3 Wi

f: Ci| — (C3)

’ ; (b)
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. _fjodij (9) (©4)
£

The polynomial coeffecients d;j,i = 0..3,5 = 0..3 are given as follows with
f =1ne,.

diz = (999.3135 — 4036.791f + 1762.4120f% — 298.0241 )10 °

di3 = (—1983.7890 + 8523.9290f — 5235.46 % + 1145.788£%)10 8 (©5)
doo = (1954.0720 + 333.3873f — 700.7473f% + 121.3212f3)107° '
do1 = (—3931.0900 — 1890.7190f + 1912.2660f2 — 319.6794£3)107°

It has been proved that that the error of the above method is < 6% for
the parameters: 1 < e, <20, .5 < % <10,.06 <7 <15



Appendix

Transverse Resonance Technique for
analysis of sandwich-slotline

The analysis follows a detailed study of [22][27] where we emphasise the
derivations of the intermediate steps . Consider a slotline of width w sand-
wiched between two substrates of dielectric constants €,1, €9 and thicknesses
d; and dy. To make the analysis more general it is assumed that air filled
gaps of heights h; and ho are present between the conducting strips and
dielectrics. The widths of the conducting strips are b; and b, respectively.
The geometry is shown in Figure D.1 where €; = €rj¢0,72 = 1,2. It is to

€o hy

d
€, !
w

dzl £,

Figure D.1: Sandwich-slotline of width w between two dielectric substrates
in the presence of parallel conducting strips of width by and bs.

7
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be noted that the single substrate slotline is a special case of geometry in
Figure D.1 with by = by = dy = 0.

In the application of the transverse resonance technique we notice that the
electric fields along the slotline are periodically zero separated by half the
slotline wave length. This means that two electric walls can be inserted
perpendicular to the slots without disturbing the boundary conditions. In
order to make the analysis simple (see Figure D.2), additional two walls are
added on top and bottom separated by a distance b; and bs. These walls can
be of electric or magnetic type and the addition of these walls transforms
the analysis into an analysis of the intersection of two rectangular waveg-
uides. For convenience let a denote the distance between the side walls. The

y y
____________ k.
|
e %o
o f---------] P w O BREEE --e
N &
|

electric wall — - — = electric / magnetic wall

Figure D.2: The conversion of each half of the sandwich-slotline into a
waveguide problem.

interpretation in terms of rectangular waveguides will simplify the slotline
analysis but b; and by has to be sufficiently large for accuracy.

The total suceptance at the slot plane ie. the junction between the two
waveguides can be written as, By = B; 4+ By. The slot wavelength can be
derived from the transverse resonance condition ie. B; = 0. Therefore we
have to derive the expressions for By and By. An approximation for Bj;,
1 = 1,2 is shown in Figure D.3, where B; is the suceptance offered by the
large guide z > 0 to the tiny air-filled waveguide, z < 0 of height w. Since
d; = w/b; is very small, we can approximate the only mode present in the
tiny guide with T'F1y. The application of the transverse resonance technique
consists of three steps:

e The representation of electromagnetic fields in the two guides.
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e The Matching of the fields in the slot plane by which the wave ampli-
tudes in the large guide can be derived.

e Deriving an expression for B; using the transmission line model.

|
di ' hj
| |
| |
Y= B_HL,,, 77J777807777>
oy oy Ty Ty z

} T
| di | hl

Figure D.3: The input suceptance of each half of the slotline seen by the
T E19 mode in the guide of height w.

Representation of the fields

Counsider the rectangular waveguide z > 0 (see Figure D.2). With the max-
imum electric field at x = § for the slot and because of the symmetry
the waveguide modes to be considered are T'E; 9, and T M; oy, for mag-
netic walls at y = i%, where n = %, %, % In the case of electric walls
at y = j:%, the waveguide modes to be considered are T'F1y, T'E1 2, and
T Mo, n=1,2,3... Thus the electric and magnetic fields (E, and H;) are
proportional to sin Z¥ cos *7¥. This means that total fields at the slot plane,

z = 0 for the large guide can be written as,

2
Ey=Ry+ Z R, cos Y (D.1)
b;
n>0
2nm
H; = yyoRo + Z Ywn iy COS by Y (D'Q)

n>0
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The wave admittances, yun, 7 > 0 can be written as,

H
Ywo = (E_:c> (D.3)
Y/ TE1,0

y _ ((HI)TEl,zn + (Hm)TMl,zn)
N (BYTE 20 + (By) T 20
Now consider the tiny guide shown in Figure D.3. Since w is very small, the

only mode present in the guide can be assumed to be T'F1y whose fields at
the slot center can be assumed as,

(D.4)

Cy fi < w/2

pe_ G forlul<wiz, 03)
0 w/2< |yl < bi/2
H! = By, (D.6)

Matching the fields at the slot plane

The matching of the electric fields of large guide (D.1) and tiny one (D.5)
at the slot plane can be expressed as,

2nmy

E, =E, = Ry + Z R, cos (D.7)

Y
n>0

7

The above equation has the form of a Fourier expansion. The coefficients
Ry and R,, can be readily written as,

w/2
R() = / C() dy = C()(si (D.8)
—w/2
2 w/2 . .
R, = Co cos Yy dy = 2005,~M (D.9)
bi J w2 b; nmd;

where, 6; = w/b;. Similarly matching the magnetic fields of the large guide
(D.2) and tiny one (D.6) at the slot plane,

CoYy = Yuwolo + Z Ywn R COS
n>0

2nmy
b;

(D.10)

Integrating the above equation between the limits y = +w/2 and using (D.8)
and (D.9) gives,

' . ) 2
Y — o+ 23 Yum (Ln(nm)) (D.11)

51' >0 ’l’L?T(Si
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Expression for the suceptance using the transmission line model
The input power P; of the tiny guide can be written as,
1 w/2 ra C2 ,
P = —/ / E°H® dzdy = 2022y (D.12)
2 ) _wppdo Y 2

The guide admittance of the various modes can now be derived in terms of
the wave admittances. Guide admittance of tiny guide Y, in terms of the
voltage, V' can be written as,

where,
w/2
—w/2

From(D.12) and (D.13) y,, can be written as,

!

2w

Similarly the guide admittances of the large guide corresponding to wave
admittances y,0 and vy, becomes,

2b;
Yuo = —Yg0 (D.16)
2b;
Ywn = szgn (D.17)
This means that (D.11) becomes,
Y, =Yy +2) Y, sinnmd;) (D.18)
U = gn nmd; ’

Let the characteristic impedance of the T'E1y mode in the dielectric filled
guide be Yjy and that of air filled waveguide be Yy. For the case considered
in [27] the air filled guide is assumed to be of infinite extent resulting in load
impedance of the dielectric filled guide. But for the case considered here[28],
(see Figure D.3), the load impedance of the dielectric filled guide becomes,
Yy cothygh;. Thus, the guide admittance of the T'E1y with load Y, cothygh;
can be written from transmission line formula as,

Yy coth ygh; + Y;g tanh ~y;0d
Yio + Yy coth yph; tanh v;0d

Yo=Y (D.19)
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where, ;o and -y are the propagation constant of T'F1y mode in the dielectric
filled waveguide and air filled guide respectively.
Dividing the numerator and denominator by Yo (D.19) becomes,

Y
Yo = Yo W?) coth yph; + tanhy;0d (D.20)
y 1+ % coth yph; tan ~y;od
which can be modified as:
Y, coth(yoh;
Y0 = Yjo tanh (md + tanh™! %(7‘”) (D.21)
70
where
2w Ao 2
= —4/1-[ = D.22
o= () (D.22)

The wave impedances of the TE modes is related to the propagation
constant as,
70
Jwp

Ywo = (D.23)

Using (D.16) the characteristic admittance of the dielectric filled waveguide
can be written as,

Yio = 10 (D.24)
2b; jwp

Substituting But jwy = jkon; with n; = % in the above expression gives,
a 7o

YVin = — D.25

T 2 ko (D29

where the propagation constant, v, is given by,

o 2r\?  j2n
Yio = JBio = J Ao €rg (A()) )‘giO ( )

Substituting €,; = 1 in the above equations we get the expressions for the
admittance of air filled waveguide,

a

=1 D.2
0= 5 T (D-27)
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where
27 21\ 2 a N
Yo =3Bo =] o ()\0> 251 g0 ( )

Now consider the T'E 2, and T'M; 2, modes. The field distribution of these
modes are such that E; = 0 at z = 0. By dividing the numerator and the
denominator of (D.4) by (Ey)T, ,, and changing the notations from T'X7 o,
to T X,,, where X = E., H, we get,
(Hm)TEn (Ha:)TMn
v, — | Ere, " (By)rmn
wn —

(Ey)TEy,
(Es)TMn +1

(Hz)TMm,, (Hz)TE, (By)TE,
(By)rMmn = (By)rEn Eiy/TMn (D.29)

(E!l)TEn
(By)TMy,

_ Yuwrm, + DnYurE,
1+ D,

Where’ Dn B ((5:))7;162 when (Ea;)TMn + (Ea;)TEn =0.

From the theory of rectangular waveguides the y components of the T'FE and
TM electric fields are related by D,, = (L)2

2an

Similar to (D.21) for the T'F1( case, the expressions for the guide impedances
for TE 2, and T'M; 3, are given by,

Y,
Y, rv., = Yiram, tanh fyn.di+tanh_1 Mcoth Ynhi D.30)
g9 n n i

Yirwm,

Y,
YyrE, = YirE, tanh (%idi + coth™? [% coth(%hi)] ) (D.31)
Yire,

| R U G I
(5 @ () e

where,

a jko a jkoeri
Yorm, = 2%y = & D.34
0T M 2b; Ny s 2b; MYni ( )
Yorm, = o — 2 T (D.35)
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(D.30) and (D.31) can be written as,

TM, = . tanhr
g 2binvni "
aYnj
= coth
gT'E, 2]bznk0 dni

where,

Tni = Ynid; + tanh™! (ﬂ COth(Vnhi))

TYn€ri

Gni = Ynid; + coth ™ (’)’_n COth(’)’nhi))
Tni

Substituting (D.38) and (D.39) in (D.29) we get,

2
€itanhr,; — ( s bi ) coth gp;

jako 2akon
Mon = 2biVni b )
7 Yni i
1+ (2an)

Using (D.28) and (D.26) in (D.21) we get,

o _
Yo = 220 tanh (2279 4 ganh=t |29 coth o,
2b; Agio i0 o

Let p = g‘—g Then (D.26) and (D.28) becomes,

Yo = jkov'1 —p?, Yio = jkoV €ri — p?

Let,
Ao
u; = —p2 =
i €rq )\giO
v = \/p2 — ]_ = %
0

bivi biv \?
Foni = =4/1
" 9 + 2nap
g bmi [ bit 2
" ong 2nap

(D.36)

(D.37)

(D.38)

(D.39)

(D.40)

(D.41)

(D.42)

(D.43)

(D.44)

(D.45)

(D.46)



APPENDIX D. TRANSVERSE RESONANCE TECHNIQUE FOR
ANALYSIS OF SANDWICH-SLOTLINE 85

(D.40) and (D.41) can now be simplified as,

7 | eitanhry; — pQF,f- coth gp;

— 2
1+ <2azn) nFy;
jau; Tu;d; 4|
Y0 = t —t — coth(yph; D.48
nYgo0 2 an ( pa an [Uz coth(vo z):|) ( )
Using the last two expressions in (D.18) we get,
au; Tu;d; _1 [vcoth(vkoh;)
Y, =nB; ==-"t —t S )
T an(PG o [ (5
N Z 1 |eytanhr,; — p>F2 cothgy; | sin?(nné;) (D-49)
— - 5
S| e (@) | e
where,
2 F,;
i = 2 o d; + tanh L [i coth (Hanhz)] (D.50)
b; nni€ri b;
2 Fopi
Gni = ﬂFmdi + coth™! [ " coth (n—anth] (D.51)
For § — 0 following approximations can be made,
. 2 . 2
Y w ~Iln— (D.52)
net. (i) i
) )
Yo I (””5;) ~ T (D.53)
—, n(nwd;) m6;
n=35,5.

For the case of the magnetic walls at y = +b;/2, the modes to be con-
sidered are T'E 2, and T'E 2,, where n = %, %, g
Equation (D.49) for magnetic wall case becomes,
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(D.54)

nB; — Z 1 [e”- tanhry; — p? F2; coth qm-] sin?(n7é;)

(SIS

For the case of the electric walls at y = +b;, the modes to be considered
are TE1, TE 2, and TFE 2,, where n = 1,2,3.... The equation (D.49) fo
electric walls case then becomes,

2b; ba Uy
D.
+ Z 1 |etanhr,; — p?F2 cothgy, | sin®(nnd;) (D-55)
B 2 N2
n=1,2,3.. 2p [1+ (21(711”) :|Fnz n (nmwd;)

For convenience the above equations can be written as,

u? 8 1 sin?(n~é;)
B,=-"‘ln— + — M,;,—————= (magnetic wall case D.56
i 2p  wd;  2p _ZS " (n7r<5i)2 (mag ) )

=359

) .. . in2 .
’I’]Bz _ %tan <7TUzdz —tan_l |:’U COth(’l}kth)]) i i Z M .Sln (nﬂ-(sz)

U; 2p ne123.. "n (n7r<5i)2

(electric wall case)
(D.57)

If Fy;, (D.46) is real then M,; is given by,

) hr. . — 2F2. ha..
M, = €r; tanh rp; — p*Fp. coth gy, —u% (D.58)

[1 + (QZin)Z] Fri

where,

2 F; 2
ﬂFm‘di + tanh™! [i coth (%anzhz)] (D.59)

b; nni€ri i

Tni

2 Fo 2
Gni = =% Frid; + coth™! L coth | S Fnihi (D.60)
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If F,; is imaginary then,

stanr,; — p2|F|? cothg;
My, = Eritanrn — P FuilZcoth gy (D.61)

1+ ()| 17

where,
' 2nm _1 [ |Fnil 2nm
Tni = b—i|Fm'|di + tan™? [KZM coth (b—anmhz)] (D.62)
: 2 Frni 2
Ani — ﬂlFm|dz + COt_1 e coth ﬂF'nmh'z (D63)

The slotline wavelength is given by the transverse resonance condition when
total suceptance is zero,

nBy =nB1 +nBy =0 (D.64)

Thus, to find the solution for A, we can solve (D.64) using an iterative pro-
cedure such as the Newton Raphson method. The characteristic impedance
is then given by [27],

A
Z.=3167—-" 2L (D.65)
Vg P nB;y
where,
v f o Ao/Ag)
— =1+ D.66
Vg Xo/rg  Af ( )

If b; is sufficiently large it can be seen that the electric wall case and
magnetic wall case gives the same results.

Practical variations

Since for all practical cases electric and magnetic walls at y = j:%z yields the
same results (b; large), for all practical cases we discuss only the magnetic
wall case here after.

(1) Counsider radiation boundary condition on one side of the slotline (b; =
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0 = d; = 0 and h; = oco). This case has been previously been analyzed in
[27]. nB; is them given by,

8 1 1\ sin®(nné;)
B;=In— +o E v? (1 — ) : D.67
e 7“5 13 ! an n (7’7/7'('(52')2 ( )
272"

(2) Consider the case when h; = co and b; = 0. (Note that this case to-
gether with boundary condition of (1) on opposite sides of the slot resembles
ordinary slotline [27]). The results are given as follows.

1

sin? (nmd;
nB; = — uln—+ Z My,——— i)
=55

()P (D.68)

2p

If F,,; is real then,

M, = €, tanhry; — Qng coth qy; _ Uzz (D.69)

2
I+ <2un> Fm

2nm Fy;
; = —— Fpd; + tanh™1 | —2— D.70
Tni by nid; + tan |:an'€rz' ( )
F .
4ni = b Fmd + coth™ |:_Fm:| (D71)
7 n
If F,,; is imaginary then,
tanr . — p?||Fyi|? coth g,
M, = it — P 2’“' O ni _ o2 (D.72)
1+ (2an> |Fm|
where,
/ 2 E,;
Tpi = E|Fm|d, + tan™! Pl (D.73)
b; nni€ri

2nm F..
= \Fld; | a— D.74
i b; Pl + co | Fril€ri ( )
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(3) Consider the case h; = 0. This case has been studied in [28].
1 8 sin?(nmd;)
Bi=— |[u/ln—+ wi— D.75
i 2p tmo, e ' n(n7r5i)2 ( )
=35
If F},; is real then,
coth (72"7’3?}7 m)
My = u? - —1 (D.76)
Fni
If F,,; is imaginary then,
2nmd; | Fp;
5 | o ( bi‘ |)
M,; = —u +1 (D.77)
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Selected publications

[1] Design of microwave amplifier using nonresonant
slot matching

Dhanesh G-Kurup and Anders Rydberg
Electronics Letters, Vol.36, No 7, pp.602-603, March 2000

Abstract

A study into the application of nonresonant slots for impedance match-
ing in microwave circuits is presented based on an evaluation of a low noise
microwave transistor amplifier. Results show improved gain and noise figure
characteristics for slot matched amplifier compared to microwave amplifier
designed using transmission line stubs. Since the slots we propose appear in
the ground plane of the active circuits, the size of the overall circuit is lower
compared to that of an amplifier designed using transmission line stubs.

Introduction

The desire for integrated systems in which RF circuits including antenna
are placed close together has increased the complexity of RF designs [1,2].
Active circuits such as amplifiers and oscillators are usually implemented
using transmission line matching circuits which occupy a significant portion
of the total area for the circuit. Other disadvantages of transmission line
matching methods are its increased conductor and radiation losses at high
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frequencies.

We propose slot matching as an alternative method to ameliorate some
of the problems encountered in distributed matching circuits using trans-
mission lines. Slots have been widely used in different passive microwave
circuits such as the design of multilayer couplers, slot coupled antenna and
waveguide transitions [3,4]. In [5,6] an analysis of the impedance transfor-
mation properties of slots was presented based on a transmission line model
for slot coupled patch antenna. The results of [4] points to the fact that the
resistance for a given reactance value of the slot impedance can be very low
provided the slot is operated in the non-resonant region. Similar results for
wide rectangular slots is reported in [7]. The low resistive part of the slot
impedance at the operating frequency ensures minimum radiation losses. In
the present work we utilize this property of slot in impedance matching of
transistors. The design we consider is that of a low noise microwave tran-
sistor amplifier.

Design of low noise amplifier based on slot matching

A transverse rectangular slot in the ground plane of the microstrip line
can be represented as an impedance in series with the micostrip line [4-6].
If the resistive part of the slot impedance at the operating frequency is very
small, we can thus implement series reactance matching for circuits using
slots. This is the principle of slot matching. It should be noted that for
the usual transmission lines used such as microstrip lines, it is not possible
to obtain a corresponding series stub matching. In the present work the
series slot matching is implemented at the output and input for designing
a low noise amplifier for operation at a frequency of 1GHz. The transistor
used is ATF-10136 in a common source configuration [8] and the slots are
etched in the ground plane of microstrip line. The layout representation of
the transistor amplifier using slot matching is shown in Figure 2. Since the
rectangular slot or I-slot is limited by the range of reactance values achiev-
able in the non-resonant region, we instead considered L-slot and dog bone
slots for matching the input and output respectively. Similar slots has been
used for designing slot coupled antennas in [6].

The optimum dimensions of the slot were derived from the design crite-
ria of the amplifier where a gain of 18dB at a noise-figure of 1.5dB was
expected. The characterisation of the slots were done using a method of
moments based CAD program [9]. The dembedded S-parameters of slot is
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Figure E.1: Layout representation of the common source LNA (hatched
portion is slots used for matching) width of slots=0.6mm, substrate:-Teflon,
€, = 2.53,thickness = 0.8mm.

then implemented in a microwave circuit simulator for the analysis of the
amplifier.

Results

Figure E.2 shows the simulated results of the slot impedances used for
the input and output matching. It can be seen that the resistance is very
small at the operating frequency of 1GHz for both the slots. As has been
discussed earlier this property ensures minimum radiation losses from the
circuit.

To compare the performance of the slot based amplifier, a microstrip
shunt stub matched amplifier was also designed for the same specifications.
It is noted that overall size of the slot based amplifier is only about half that
of traditional microstrip stub amplifier. Figure E.3 shows the comparison
of performance of the LNA designed using slot matching and shunt stub
matching. It can be seen from Figure E.3 that there is close agreement
between simulated and experimental results of gain for the slot amplifier as
well as the microstrip stub amplifier. It can also be seen that the bandwidth
and noise-figure characteristics of slot amplifier are better than those of stub
amplifier.

Conclusions
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Figure E.2: Impedance of slots for input and output match as a function of
frequency.
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Figure E.3: Performance characteristics of LNA.: solid line:= slot amplifier
(simulated), dashed line:= stub amplifier (simulated) , o o:=stub amplifier
(measured) and O O:=slot amplifier (measured).

Low noise microwave amplifier designed based on slot matching has shown
improved characteristics in terms of both gain and noise-figure. The match-
ing technique is based on series addition of reactance compared to the usual
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parallel stub matching using microstrip stubs. Since the resistance of slots
is very small in the operating band the radiation losses are negligible. It is
also seen that layout size of the slot amplifier is smaller in size than that of
an equivalant microstrip stub matched amplifier.

Acknowledgement: The authors wish to acknowledge the research sup-
port of the Foundation for Strategic Research, Sweden through the Personal
Computing and Communications program (PCC).
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[2] Dielectric Connectors for multilayered RF integration

Dhanesh G-Kurup and Anders Rydberg
Microwave and optical technology letters
Vol.23 No.4, pp- 230-233, November 1999

Abstract

Dielectric connectors for multilayered hybrid integration technology are con-
sidered in this paper. Design of one of the connectors which is working on
Non Radiative Dielectric (NRD) waveguide mode has been carried out us-
ing a transmission line model. For this connector since the slots for the
microstrip NRD guide coupling lie directly above one another, considerable
space is released compared to traditional way of using NRD guide. To fur-
ther enhance the integration, a novel way of feeding the dielectric connector
using a tail ended tapered microstrip line has also been designed and tested.

Introduction

Renewed interest in millimeter wave range applications today stimulate re-
searchers to seek new types of guided wave structures more suitable for
integrated systems compared to conventional waveguides. Non radiative
dielectric waveguide proposed by Yoneyama and Nishida [1] is an attrac-
tive transmission medium at these frequencies particularly because of its
extremely low loss and low cost fabrication. The NRD waveguide has been
used in the design of feed network for antennas [2] design of leaky wave anten-
nas [3] and oscillators [4]. NRD guide based interconnects may be extremely
useful for the obvious reason that it is non radiative compared with tradi-
tional interconnects which are radiative unless carefully designed and posing
challenges to EMC. Also since the interconnect is three dimensional consid-
erable space is released for mounting active components between different
layers. One of the key problems in the design of active circuits involving
NRD is the coupling of energy to and from the NRD waveguide. A hybrid
integration technology proposed in [5] where NRD guide serves as an inter-
connect between two different layers is an attractive option for millimeter
wave system designs. In the present work we propose a transmission line
model for the design of NRD microstrip line transitions. The transmission
line model has earlier been applied for fast analysis and design of anten-
nas such as rectangular microstrip patch antennas and aperture coupled
microstrip patch antennas [6] and [7]. Apart from being computationally
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simple, transmission line model is also well adapted to active circuit simula-
tors for system level optimization as the model basically consists of lumped
electrical components.

Analysis

The transition between microstrip line and NRD guide is depicted in Figure
1. The transmission line model of the structure is shown in Fig.2. As can be
seen in the transmission line model, the slots have been efficiently replaced
by two transformers and the self impedance across the slot. For the develop-

Figure E.4: NRD waveguide based multilayer structure.

ment of the transmission line model of the structure it is assumed that the
dominant LS My, is the propagating mode of NRD guide. Transformation
ratios of the slots, N; and N, can be found as the ratio of modal voltage
induced in microstrip line and NRD to slot voltage respectively. j X in Fig.2
account for stored energy at the slot due to higher order modes of NRD
guide.

The following electric field representation has been assumed in the slot for
deriving the transformer ratios.

i Vo sin(Kq(

Ly
2
S .
W, sin(£e

— (1)
2

ly1)
)

Where V) represents the voltage at the center of the slot. W, and L are the
width and length of the slot. Slot wave number (K,) which is different from
free space wave number (K) can be found out applying the Cohn’s method
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[10] modified to account for the presence of a conducting strip of NRD guide
at the distance Hy from slot [7].

Then transformer ratio from slot to NRD guide and from slot to mi-

Port-1 Microstrip Line

SLOT -1

Microstrip Line Port -2

Figure E.5: Equivalent network model NRD guide - microstrip line transi-
tion of Figure 1.

crostripline can be found as follows,

_Y%
Rz
where g=1 and 2 for microstrip line and NRD guide respectively. V, rep-

resents the modal voltage induced in guide ’¢g > which can be found by the
following equation, [8].

N, (E.2)

%://ﬁx&th (E.3)
S



APPENDIX E. SELECTED PUBLICATIONS 99

From the representation of LSM;y fields in the case of NRD guide [1] and
representation of quasi TEM fields for microstrip line [9] the normalised
modal magnetic field h,, can be determined satisfying the following normal-

ization criteria,
// ey-eydSy =1 (E.4)
Sg

Here e represents the orthogonal electric modal vector in the coupled guide
which is NRD or microstrip line. S, denotes the guide cross section. The
transformation ratios can thus be derived as,

cos (KqLs/2 — K,Wesp/2) — cos (KqLs/2)

Ny = WK on/Wes rHpg sin (KoL /2) (E3)
N, — AmKasin(Wsgo/2) (cos (foLs/2) — cos (KaLs/2)) (E.6)

~ THW,Boqo (8o — Ku2) cos (Wqo/2) sin (K, L /2)

As shown in Fig.1. Hjs represents the height of microstrip line substrate
and W and H are the width and height of NRD guide. W, is the effective
width of microstrip line. T which is essentially a normalization term that
can be derived as,

T \/H(qu +sin(Wqp)) €2H (E.7)

_l_
4qocos?(Wqo/2) 2po

po and gy represents the transverse wave numbers of fundamental NRD mode
satisfying the eigen system [1],

g0 tan(Wgqo/2) = €rpo (E.8)

Bo the fundamental LS My mode propagation constant is given by,

Bo? = rko® — qo* (E.9)

A similar analysis can be found in the development of a transmission line
model of two layer aperture coupled antenna,[7].
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Open ends of the NRD guide in the present analysis has been modeled as a a
perfect open, however for precise design of the structure using transmission
line model, the open ends should be analysed using the Modal analysis as a
transition from LS My mode to parallel plate mode.

Finally, the input impedance of the structure can be written as,

ZN || Zss
Z; = (% [ zap) N+ z¥ (E.10)
2
where,
Zi | Z; = Z; Z; [ (Z; + Zj) (E.11)

Zap is the slot self impedance across the transformers and Zsg is a function
of distance between the slots Lgg, (see Fig.1) as follows,

Zr+jZy L
Zss = g 2r + 3% tan(foLss) (E.12)
Zy +jZrtan(BoLss)
where Z7 is given by,
zr = (B2 2, 331 28 (513
i

Zb{( , K = M, N represents the impedance provided by microstripline stub
and NRD stub respectively at the center of slot and Z{, K = M,N are
their characteristic impedances. As described in [7], slot self-impedance can
be represented as the equivalent impedance of two parallel shorted slotted
lines with shorts at :t% from the center of the slot.

Results

The application of the NRD as shown in Fig.1, has been discussed else-
where,[5] and is not repeated here. To make space utilization most efficiently
for integration applications, an interconnect directly between two slots may
be more beneficial than the NRD interconnect shown in Fig.1. Geometry of
such an NRD interconnect is shown in Fig.3. The transmission line model
of this interconnect is essentially the same as the one for the geometry in
Fig. 1 with distance between the slots taken to be zero. The dimensions
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of NRD guide are, see Fig.1 W = 12mm, H = 12.7mm. The NRD guide
has been realized using substrate with dielectric constant close to that of
silicon (e, = 12). Microstrip line has been implemented on Teflon substrate,
e, = 2.52). NRD stub and microstrip line stubs are respectively given by
Ly = 6mm and Ly, = 8mm. Slot dimensions are: W, = 1.5mm and Ly =
8mm, (see Fig.3). The coupling, S; between the microstrip line and NRD
guide has been calculated using transmission line model and compared with
experiments, see Fig.4. Since NRD guide is at cutoff below 4.9GHz we
are not able to apply the transmission line model for the structure below
4.9GHz, however we can see from the experiment that the coupling can-
not be neglected below 4.9 GHz. To study the behavior we have presented
the results using TM parallel plate modes in connector assuming NRD is
infinitely long along the slot and open £W/2 from the center of slot (See
Fig.1). It can be seen that the behavior of the calculated results agree well
with experimental one.

Figure E.6: NRD interconnect between multilayers.

The NRD guide as shown in Fig.1 and 3 is attractive for a number of
reasons as described earlier. But to efficiently utilise space, particularly
between the ground planes, a new way of using dielectric interconnect is
introduced, where a tail ended tapered microstrip line has been used as the
feed for the dielectric interconnect as shown in Fig.6. For this structure, the
tapered line functions as an impedance transformer. Since the modes in the
dielectric connector is no more nonradiative due to absence of the second
ground plane, there is a strong tendency for waves to propagate forward as
in tapered line antennas there by causing spurious radiation. The action of
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Figure E.7: Results for the NRD interconnect seen in Fig.3.

the tail is to efficiently prevent this radiation at the same time providing
fringing fields necessary for coupling to the dielectric connector. The opti-
mum position of the open end of the tail is at the connector end due to the
fact that maximum fringing field of open ended microstrip line occurs at the
air boundaries. In Fig.7 results of the tail ended tapered line fed connector
(see Fig. 6) is shown for various positions of the open end of the microstrip
line. The signs + and - denotes position of open end of the tail is outside
and inside dielectric connector. It can be seen that the optimum position of
the tail is when D, = 0 where fringing fields are maximum and connector
distance from fringing fields of open end is minimum. For D, < 0 the high
¢, of the connector prevents fringing fields to be excited from tail, thus the
coupling is less. For D, > 0, even though the fringing fields are stronger,
the distance from the connector end prevents the fringing fields to couple to
the NRD.

Conclusions
Two different dielectric connectors useful for multilayer RF integration is

considered in the paper. One such connector has been analysed using a
simple transmission line model showing results that agree reasonably well
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Figure E.8: Microstrip-dielectric connector transition, Dielectric connector,
W=12mm, H=12mm, L=16mm, Microstrip stub, line and substrate dimen-

sions as same as in Fig. 3. Taper: b=2.26mm, B=10mm, Length =60mm,
Tail: d=6.5mm, c=2.6mm.

I I I I
4.2 4.4 4.6 4.8 5 5.2 5.4 5.6
Frequency , GHz

Figure E.9: Dielectric connector fed by a tapered line with tail.

with experiments. To further enhance the integration a novel tail ended
tapered line feed has been introduced. A suitable explanation of its working
concepts has been derived from experiments.
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